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ABSTRACT

In this work, a f

t parasitic-aware synthesis approach of CMOS analog and RF circuits

presented. T in layout-aware synthesis the optimization of analog

and RF circuits is attained by two separate stages. The circuit sizing stage which is mostly

by using some fonary algorithms along with certain commercial off-

the shelf simulators is followed by layout generation, extraction and verification. This

aware method.

loop continues until convergence is found. In this thesis, a fast paras
which considers the circuit performance constraints and layout induced parasitics
simultancously within a concurrent phase of circuit synthesis by using convex
optimization problem, is proposed. The proposed methodology is used to optimize and
verify the performance of five high performance analog circuits and two RF cireuits in
two different CMOS technologics. The synthesis time s found to be under a few seconds
and the experimental results demonstratc the high efficacy of this fast parasitic-aware

synthesis approach.
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1. Introduction

In order to achieve high speed, low power operation, the complementary metal oxide

d (CMOS) technology is continuously scaled. The scaling also cnables

designers o obtain a high packing density resulting in more chips per wafer. There is a
decrease in the intrinsic device capacitances with scaling which reduces the switching

time, resulting in faster circuit operation [1]. The newer technologies are also les

error

prone to fabrication defect [2]. For a 30% decrease in technology, the reported reduction

in gate delay is 30%, increase in device density is 200%, and clock frequency increase

43%, with a 50% decrease in active power dissipation [3]. But technology scaling is also

d with some ks like impact of parasitics, short channel effect, gate di-

electric lling, heat di ion, wiring and ion problem and pacl

that may degrade the circuit performance. Especially for technologies newer than 32nm,
the parasitic capacitances can drastically affect the circuit performance [4]. Although

some intrinsic capacitance docs decr

with the scaling of effective channel length and

width, the extrinsic capacitance like gete 1o contact capacitance does not decrease

proportionally [1]. Also with technology scaling. interconnects become thinner making

the resistance an issue and closely spaced interconnections with an increase in the

coupling capacitance introduces crosstalk [5]. All these parasitics can have an impact on

delay, current driving capacity and switching time causing degradation to the overall

cireuit performance



IS}

Motivation

In newer Silicon on Chip solutions, analog circuits occupy a part of the whole system

along with the digital components. Ever though, usually the portion containing analog
circuitry is smaller than the digital one, the design of the analog part works as the

bottleneck of the whole system design. The digital domain enjoys the mature hardware

description language like VHDL or Verilog which makes it casy to automate the process

But automation of analog circuits is far from perfect. The analog circuit design is a

creative and intuitive process and requires a clear understanding of the circuit
components, their inter-relation and matching. Because the design is knowledge intensive

and complex in nature, it is hard to find a single process that can solve all the analog

requirements.

There are several approaches undertaken by the designers to automate the analog circuit

synthesis process. Their design process can be broadly divided into several categorics like

o Simulated Anncaling: that cither uses some numerical cost functions or circuit

level simulation for verification [6]. The proce:

nature and obtaining the solution is a tedious process.

Topology Based Synthesis: that generates topology from basic building blocks

and considering the tradeoffs between blocks, optimizes the selection [7].



*  Sub-circuit Based Synthesis: that breaks down to smaller circuit components and

structural ints are ped for each sub-c¢

to linearize the constraints [8]

Alongside the circuit sizing phase, several methods have been applied to include the

layout induced parasitic effect during circuit synthesis. More details of some of the

approaches are claborated in Chapter 3.

Most of the traditional approaches are based on some sort of evolutionary algorithm and

cost function evaluation that demands a high computational cost without any definite

guarantee of convergence. The work in this thesis targets to solve this problem by

automating the analog circuit synthesis, which can attain a very fast convergence and

ide the circuit sizing phase. The details of the proposed

&

methodology are also given in Chapter 3 and the fc ion is given in the

chapters.

Organization of the The

The the: organized as follows. Chapter 1 gives a brief introduction of the problems of

analog circuit synthesis and the importance of adding parasitics into circuit synthesis.



Chapter 2 includes test cases to point out the effects of parasitics on two dynamic
comparator structures which are the Lewis-Gray Structure and the Differential Pair

Structure and puts emphasis on the importance of considering parasitics during the circuit

Chapter 3 discusses some existing layout-aware cireuit synthesis y and their

advantages and drawbacks. Then, it discusses the proposed parasitic aware synthesis

methodolof il. The proposed pa ynthesis methodology is compared

with the existing methodologies and the advantages are shown.

Chapter 4 contains the detailed design, optimization and verification of three CMOS

Q Amplifier to d the a

of the proposed

methodology on high performance analog circuit.

Chapter 5 continues to apply the methodology by optimizing a gain based CMOS Analog
Comparator and another latch based CMOS Dynamic Comparator and verifies the

solution in Cadence simulation.

Chapter 6 contains the design of a Low Noise Amplifier (LNA) and a Cross Coupled LC

Oscillator showing the effectiveness of the proposed y on RF circuits.



Finally, chapter 7 draws conclusions and discusses the future scope of this work.



2 Effect of Parasitics on Analog Circuit: Case Study

In this chapter, the significance of proper transistor sizing and the effect of the presence

of parasitics at different nodes of anzlog circuits are examined. to understand the

importance of proper circuit synthesis and inclusion of parasitic components inside the

circuit synth phase. Two dynamic cornparator structures namely Lew

[9] and Differential pair structure [10] were chosen to scrutinize the effect of parasitics on
analog circuits because dynamic comparators are expected to be more susceptible to
layout mismatch. For each circuit, changes in transistor width, length and aspect ratio are

made and their performance is observed. Later, par

nodes of the two comparator structures that may

shown.
o] i e L
s * L |
B e e ‘
s H‘ . ) (Hm
.

! 2
el B il

Figure 1: Dynamic Comparator (Lewis Gray Structure) [9].



2.1 Sizing Effect on Lewis Gray Structure

A common structure of dynamic comparator is the Lewis-Gray structure (also known as

Resisf

ve Divider structure) shown in Figure 1. The working principle is explained in
[11]. There are two modes of operation, when V= 0, the NMOS, M7 and M8 are in cut
off region, whereas the PMOS M9 and M12 are ON. So both the differential output
voltage is pre-charged to the supply voltege Vi When, Vi = 1, the pre-charged output
voltages causes the NMOS M5 and M6 to stay ON, whereas the NMOS M7 and M8 are
turned ON by the high voltage at . The input and reference voltage of M1, M2, M3,
M4 decide the resistance of each branch and the final differential output voltages and it

stays the same until the comparator is reset by Ve =0.

2.1.1. Case I: Testing with known transistor size

At the beginning, the circuit behaviour of Lewis-Gray structure is tested in 7SMC 0.18um
technology with a certain transistor size. The width of the transistors considered are,
(W)123.~ 1.45um and (W)s675 = 3.5um and the length, L is made equal to 0.45um. The
two reference voltages, V. & Vyey are taken as 1.6 and 1.21 respectively. The clock
has a frequency of 10MHz with 1.6/ /0¥ (High/Low). The condition of differential input

of the circuit to detect properly is given in [11] which is,

w :
Vit =Via = W (Vep = Viey)



where W, = W= W, and Wy = W, = W;. For any inputs that satisfies the equation, the
positive output /' should go high and the negative output ¥~ should go low. The

differential input, ¥, is varied from 0.2~0.6) and the other input ¥," is varied from 0.3

to 1.6V, The circuit is simulated and the result is shown in Table I

The input combinations for which the correct output logic is obtained are shown shaded
inside the Table I. The negative input voltages (V) are placed in columns and the
positive input voltages (V') are put in rows and the table shows the logic values of the
corresponding positive (V') and negative output voltages (V). From the table, it is
observed that for lower values of V,," like 0.2V, the minimum difference needed between
the two inputs to make the circuit work is at least 0.7)” whereas this difference should be
0.4V according to the equation (Wy=M,). The reason for this is the negative input which
is below the threshold voltage limits the total current flowing. This condition is satisfied
for higher inputs like 0.5V and 0.6/, where the gate to source voltage is large enough to

provide sufficient current for circuit operation.



Vin- 02 03 X} 03 06

Vit | Ve [ Ve [ VA [ V- [ VA [ V- | Ve[ V- | Ve [ V-

[ N I A N T IR T O R
05 [0 [T [0 [T [0 [T |0 [T |0 |7
[o6 o [ o [t o [T [o[r o1
07 |0 [T [0 [T [0 [T [0 [T [0 |7
08 [0 [T [0 [T [0 [T |0 [T |0 |7

2.1.2. Case Il: Reducing the channel length

ors is reduced but the

In this case, the channel length and width of the individual transi
aspect ratio is kept as constant. The chosen length L is reduced from 0.45um 10 0.35um,
and the widths, (W), 23, are made 1.15um. The result is shown in Table 1. From the
table, it is observed that, for the same ¥, = 0.3V, the minimum difference increases from
0.6 10 0.7V. The same is noticed throughout the whole input range. Therefore, for this
comparator, reducing the length and keeping the same aspect ratio, results in a need for

higher input voltage difference, to make the circuit work.



Table 11: Lewis Gray Structure: Case 1

Vin- 03 04 05 [ 07

Ve[V [V VRV [V V- [V

2.1.3. Case I1I: Increasing aspect ratio

In this case, the aspect ratio is increased by making the initial transistor width, (/)34
as 1.5um, keeping the length, L same as 0.35um. The result is similar to that in Table 11,
which does not change the operating input conditions. So, a little increase in the transistor

aspect ratio is not enough to improve the circuit operating input condition.



Next, keeping the length L= 0.35um as constant, the device width is incre:

incrementally, starting with an initial value of 0.5um and a step size 0.25um and ending at

4um. The negative input voltage, , is taken as 037 in all cases. The result is shown in

Table 11 up to W=2.75um. From the result, it is seen when W is equal to 2.75um, the

from 0.7V (For V,,. = 0.3V, Table 11) to 0.5/

minimun input difference needed reduc

So it can be concluded that for this circuit increasing the transistor aspect ratio increases

the current flow, which improves the operating range of the circuit. So proper sizing can
result in a better performance of analog circuits.

Table 11: Lewis Gray Structure: Case 111
W[ 0Sum [ 075um | Twm | V25um | VUSum | UiSum | 2um | 225um | 25um | 2.75um

Vint | V¢ [ V- [V [V [ VR [V [V [V [V [V [V [V [V v v v e

[CE ACCH AT TN T VN A N AT I AV A T T A O O R

o7 [0 [T o [ o [ o [ o v o v o [T o [T [o |1 o]t

o8 |0 [T o [ o [ o[ o[ e o [ o [ o[ [T [0

oo [0 [ o [ o [ o [T e [ o o [T o [T o [T [0




2.2.  Sizing Effect on Differential Pair Structure

I'he same performance analysis is done in STM 90nm technology with the Differential
Pair structure shown in Figure 2. The operation of the differential-pair structure is

explained in detail in chapter 5.

{ Viatchl o
rﬂ} 4L Sy
| | "F_uneeer Jol ¢ Vaut—
| .

Vouts

t

j E Lo
m_{’ ‘m . vin- y‘mf_{h w3 . Ma Fl}_ et
s viatch2 - ‘IT: Mo

Figure 2: Dynamic Comparator (Differential Pair Structure) [10].

For the Differential pair circuit, the two reference voltages are taken as Vyr, = 0.81 and
Vyr = 0.6V. There are two clock sources namely, Vi = 1/0 ¥ (High/Low) with a
frequency of 100MHz and Vi = 0.4/0 V (High/Low), again with a frequency of
100M#=. The clocks have the same phase. The transistors has the following widths,

(W)i230 = 0.32um and (W) = 0.32um, (W);5= 0.76um, (W)y;> = 0.32 um, and a



minimum size length, L= 0.1um. The result is shown in Table 1V. It is seen from the

result that, for any negative input, ¥, > 0.3, the minimum input difference is constant as
0.3V

Table IV: Differential Pair Structure
Vin- 02 03 [E} 05 06

T [ VA [ V- [V [ V- [V [V [ Ve [V [V V-

o3 o [T o o [ o [ e T

oo [T [o [T o [T o T o1 o

Next, the cireuit performance is measured by decreasing the length and keeping aspect

ratio constant (like in case 1) and increasing the aspect ratio (like in case 11). But it

didn’t show any difference in the input operating condition up to I = dum. So, although

the di rence than the Les

rential pair structure needs lower input d ray structure,

it showed little variance with transistor sizing.

2.3.  Effect of Parasi itance at Different Nodes:

Caps

I'he effect of parasitic capacitances sted with both circuit structures. A capacitance of
I is put at different nodes of the circuit and the circuit behaviour is examined. The

result for Lewis-Gray structure in 7SMC' 0. /8um technology is shown in Table V. It can




be seen that, for the added parasitic capacitances of 1/F to the substrate, at almost all

nodes, the minimum input difference is increased by at least 0.1/, The output node }~ and

c effects which

the node at d ( Figure 1) seem to be the most susceptible to the paras
shows a 0.2) increase in minimum input difference for ¥, = 0.4¥. On the other hand, a
small 1l capacitance at the positive output node may reduce the required minimum
difference between the inputs and actually improves the performance. As can be seen
from Table V. for ¥, = 0.6V, the minimum input difference between (1, — V) is 0.4V
when there is no capacitance added. But if there is a capacitance of 1l present at the

positive output node, it actually decreases the minimum difference needed for the circuit

to operate properly. The reason can be understood from the circuit diagram in
a capacitance at the positive output node, makes the pre-charged voltage at that node,

harder to discharge than the negative output node. So a smaller input difference is

sufficient enough to discharge the negative side and make the comparator decide

correctly.

Table V: Parasitic Effect on Minimum Input Difference: Lewis Gray Structure

e between (1,4) — (1) is i the table, - means d

ot available)

Vin- | NoCap | 1fF atNode /' | 1fF at Node - | 1fF at Nodec | 1/F at Noded

04 05 05 06 06 05

04 [E} [ 0s (]

06 [ 03 05




The same result for the Differential Pair structure in STM 90nm technology is shown in
Table VL. It is found that for 1/F capacitance at negative output node, J~ and at node b to

the substrate, the comparator circuit doesn’t work at all

Table VI: Parasitic Effect on Mini

num Input Difference: Differential Pair Structure

(The difference between (1%,+) ~ () is in the table, - means data not available)

Vin- | NoCap | UFal Node 7+ | VFal Node 7= | U aNode a | [Fat Node

03| 04 Doesn't work

03 Doesn'twork | 01 Docsnt work

o Doesn L work o Doesn'lwork

‘05

Doesn'twork

|
. l
“reT l

Doing a parametric sweep reveals that for an input conditions of V,+ = 0.8/ and V- =
0.4V, a capacitance of 0.182/F at the negative output node to the substrate can throw the

circuit out of operation. This

capacitance can arise from very little mismatch in the layout

and can result in erroneous result at the output

To see the possibility of layout induced parasitic mismatch at the output nodes, a

differential pair circuit is used to do post layout simulations in 7SMC 90nm for two c:

one with matching floorplan and the othar with unsymmetrical floorplan. In both c:

the same transistor sizes were taken. The lengths of transistors were taken as the

minimum 0.1um and all the transistor widths were taken as 0.33um except for W7 and Wy

which were taken as lum. This is done in 7SMC 90nm instead of STM 90nm by

parasitic extraction in STA/ 90mm is no longer supported by CMC.
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Transient Response
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Figure 4: The symmetric Differential Pair Post-layout simulation in TSMC 90nm for V,'=0.8 and
=041

From the Calibre P extraction, the total capacitance to the substrate at the positive
output node is found to be 1.0789fF and at the negative output node is 0.8741/F. As the
capacitance at the negative output node is less than the positive output node. the
comparator compares correctly, this is in accordance with the Table VI which showed a

small capacitance at the positive output node can actually improve the minimum input

difference required to make the circuit.

Now. the same differential pair design is used to generate another layout with the same

sizing but unsymmetrical placement. The layout is shown in Figure 5.
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It is understood that the asymmetry in device placement was enough to provide a
capacitive mismatch more than 0.182/F to throw the circuit out of operation for this input
condition. From the extraction result obtained from Calibre PEX. the total capacitance to

substrate at the positive output node is 0.79639/F and the total capacitance at the negative

output node is 1.1985/F. So the difference between the two capacitances is 0.4022fF°
which is indeed more than the capacitance (0.182/F), that was found to be able to throw

the circuit out of operation, as observed in the post-layout transient simulation result. This

confirms the sensitivity analys formed on the schematic that a small capacitance at

pel

the negative output node can cause the circuit give erroneous result.

So it can be concluded that, not only a proper sizing of the transistors is important for
obtaining acceptable performance of an analog circuit, the layout induced effects that can

arise from any possible mismatch also necds to be considered for proper circuit operation.

24, Summary

In this chapter the effect of circuit synthesis and layout parasitics with two dynamic

comparator circuits in two different ies is investigated. The s ation obtained

after circuit sizing. The parasitic

shows improvement in circuit operating ranges
capacitance cffect showed more obvious effect, as the Differential Pair structure became

non-operational for a small added parasitic capacitance. Because in newer CMOS



technologies, the contribution of the parasitic capacitance is more prominent due to the

fringe and coupling capacitances, it is very important to take into account the parasitic

effects during the phase of circuit synthesis. A fast and accurate parasitic aware synthe

method can counteract to the parasitic effects seen in high performance analog circuits.

In the following chapter, the traditional parasitic-aware synthesis along with some

prevailing pa synthesis apy for circuit synthesis is reviewed. Then the

proposed fast parasitic aware synth methodology in this the presented with detail




3% Parasitic-Aware Synthesis

3.1.  Traditional Approaches

tion is

In a traditional layout-oriented synthesis process, the circuit sizing and optimiz

done in two independent steps embedded inside a loop [12]. The loop continues until the

desired performance is found. The circuit is first sized for given specification (front-end).

d

The layout is obtained from the sized circuit (back-end). Then the parasitics are extrz
from the layout and a netlist is created. Using that netlist the circuit performance is
evaluated and the result is used to determine whether to terminate the process or to
continue the loop. The process is given at the following flow chart in Figure 7.

Spectcaton Tectrogy

Figure 7: Traditional Approach for Layout Aware Synthesis [12].

In their proposed design, the authors at [12] proposed a knowledge based method using a

tool called COMDIAC, which uses equations already defined from detailed knowledge of
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the circuit. It uses the layout information during circuit sizing phase. The flow is
presented in Figure 8. The sizing is based on trial and error and there is no demarcated
terminating factor which determines how long it might take to converge. At each step. the

layout tool is called even for multiple times to give the parasitic estimation based on the

different constraints given to the layout tool. The circuit sizing responds to the parasitics

by changing the transistor size and the process keeps running until there is no change in

parasitics. So the transistor sizing and parasitic estimation still stays as a self-g 2

step. There is no guarantee that the loop will terminate beca

se for even small change in

sizing, the parasitics can deviate in newer CMOS processes. This is because as the
technology scales, interconnects are more closely spaced and fringe capacitance

contribution which is not linear to predict, becomes more significant as the size gets

smaller.

Figure 8: Layout-oriented synthesis proposed

n [12).
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In [13], another layout aware circuit synthesis process is proposed. For the circuit sizing
part a genetic algorithm namely Differential Evolution is employed using a pre-
formulated cost function that is generated using a circuit level simulator. Once the cost
functions are found, they are used in numerical simulation on the right side instead of
using device level simulation. Afterwards the layout generation uses a module generator
for basic devices to generate the layout. 1t is only different to the traditional approach by
using the generated cost functions to evaluate circuit performance instead of device level
simulation and using module generator irstead of layout generation and extraction. There
is no guarantee that the system will find the global solution. The authors recommend
using this to get an approximate result and then rectifying it by simulation. How the
simulation will fine tune the circuit sizing is unknown as it also will need accurate layout

information. Their flow is given in Figure 9.

Spocicaton |

| e

Anaro
Sitnasis

=

ure 9: Parasitic Aware

ynthesis Approach proposed in [13].

‘The authors in [14] show the importance of including layout information in circuit sizing

by comparing the deviation in performance with and without parasitic consideration. It



removes the layout in the loop and presents a macro model for parasitic capacitance

estimation. It divides the circuit into different modules and devises models for inter and

intra module capacitance. It uses a procedural layout generator (PLG) called MSL to
generate layout and off-the-shelf extractor is used to extract the layout parasitics. As the

module size may change during the iteration, it creates a lookup table called Module

s during circuit sizing

Characterization Table (MCT) to estimate the values of parasi

phase. It uses simulated annealing to size the circuit. The flow is shown in the following

Figure 10.

Specicoton
Creunsizng
Procodura Layout
Ganaraton

Ewacion

Parastc Cap Model
Ganaraton
Parasiic Cap Models

Parasitc Model Generation Circut Synthesis

Parashe

Equmaton

Figure 10: Fast parasitic estimation modeling proposed in [14].

There are several drawbacks of linear interpolation of the parasitics value. The change in

in smaller y. like fringe i and coupling i might

not be lincar. And it uses HSPICE with simulated anncaling which gets global

tic

optimization but at the cost of CPU time. Although the time needed for paras

extraction using Procedural Layout Generator is mentioned to be ~15minutes. it doesn’t
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mention the whole optimization time. Not to mention, the time needed to generate the

Model Cl

tion Table for higher number of modules will increase lincarly.

The same authors propose a slightly diffe-ent approach in [15]. Instead of using simulated
annealing as a sizing engine, it uses a symbolic performance models (SPM) that are
generated using equations from small signal models. The layout information is obtained

from MSL as before and an off-the shelf extractor is used to extract the parasitic values.

The SPM can take all capacitances in the small signal model or take the few contributing

parasitics that are identified from previous sample layouts.

Since it s

11 uses an off-the shelf extractor and the time needed for SPM and complexity
are unknown. The layout information is pre-calculated and not dynamic. It is valid for a

fiy

ed template layout and the SPM has the limitation of not handling very large circuits.

In the proposed method in [16] shown in Figure 11, at the beginning, the simulated

simulating the netlist with presence of parasitics,

anncaling is used o size the circuit by

which is obtained from Model Characterization Table generated by the Procedural Layout

Generator disc

ed before. When it converges, it finds a feasible region and determines
the worst case parasitics using the feasible region by a placer. Then it makes local

changes to cope with the interconne

capacitances for the worst ca

e scenario.
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The methodology still suffers from the total cost of simulated anncaling, off-the shelf

extractor and the effect of making local changes which might result in a variation of

capacitances with respect to those that was obtained at the first sizing step.

Seacnspace Topobgy Conarares

—
Corraion

Figure

+ The proposed method in [16].

Another method proposed in [17] is close to the traditional approaches. except instead of
taking single layout information; it considers the parasitics of the previous runs to resize
the circuit. In each loop, the circuit is resized. placed. routed and extracted. An off-the
shelf simulator and extractor is used to evaluate and generate the parasitic value. At cach
step. a best and worst case capacitance corner is generated to make it robust. The flow is

shown in Figure 12.
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Figure 12: Proposed Synthesis Flow in [17].

Ihe disadvantage is running the routing and floor-planning and extraction inside cach
loop as well as evaluating with a commercial simulator might take a long time o

converge.

The method proposed in [18] includes circuit sizing by simulation. At cach step a

floorplan is generated and parasitics are estimated using the floorplan and transistor size.

After convergence several floorplans are idered for performance and after the




floorplan is selected, layout is generated, extracted and verified. If not met, then the loop
executed again. It again uses the simulation based method that is CPU costly and cannot

guarantee the convergence.

Another method is proposed in [19]. In this method, a transistor level simulator (HSPICE)

is used with simulated annealing technique for the first phase of sizing. In the second

phase a deterministic method is used. Template based layout generation is used which

LL and SKILL

takes a few seconds to generate the layout. They use Cadence PC
programming language. At first the sizing engine selects a set of random values inside a

range. For those values the Geometric Constraint module selects from a set of layout

styles and parasitics is extracted from the selected Iz

jout. Then the performance is

evaluated. If not met, the loop is executec again.

It uses SA which is slow, use layout generation and extraction at each step which is also

slow, and there is no definite guarantee o’ convergence.

“The authors in [20] proposed a method that uses nonlinear optimization algorithm. It uses
numerical simulation along with consideration of multiple layouts, placement and routing
in each iteration. The parasitic contribution is obtained by integral field solver. The CPU

time is reported to be 8 times that of a traditional circuit sizing.



Most of the parasitic aware synthesis used for RF synthesis mentioned above like [13],

[16]. [17] ete. uses a form of evolutionary algorithm and simulation based sizing method.

The authors in [21] used particle swarm optimization and adaptive simulated annealing

for parasitic aware RF circuit design. The process uses commercial simulator like

HPSICE or SPECTRE along with curve fitting tool in MATLAB to provide parasitic

The detail of parasitic modeling is unclear. Although, the process looks

faster than the convertional simulated annealing technique, the two

to be two times

examples provided shows the number of iteration to be more than 1000. Curve fitting the

itics for modeling and using a commercial simulator with a high number of

iterations can prove to be CPU costly. Other method like [22] uses optimization with

recourse including ellipsoidal uncertainty to design a low noise amplifier in S
technology along with a ring oscillator. It does not elaborate the how to include the

parasitics into synthesis and concerns with the circuit sizing only

From the discussion about the prevailing parasitic aware sizing method above, most of the
circuit synthesis methodologies can be divided into two steps. In the first step. an
evolutionary algorithm like simulated annealing is used to size the circuit using cither a
commercial simulator or numerical cost function. This is followed by the second step,
that is, from the obtained size: the parasitics are estimated cither by actual layout

ial ic estimation and

and fon using a wol or by parasi

extrapolation. Then the circuit performance is evaluated considering those parasitics and

the loop continues until convergence is found.
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Figure 14: Calibre PEX extracted result for the Metal lines drawn.

The extracted capacitances in terms of the metal length of the parallel metal 1 lines are
plotted in Figure 15. From Figure 15, it can be seen for 7SMC 0.18um technology, the

increase in capacitance can be characterized as linear after the metal length becomes Sum

or more. This used to be the case in older CMOS technology and the parasitic aware
synthesis which used interpolation to estimate capacitance was logical. But as can be seen
for the new 7SMC 90nm technology. with increasing metal lines. the parasitic capacitance

increase is not exactly lincar. As an example, for parallel metal lines of lum, the total

capacitance (C+CC Total (F) in Figure 14) is 2.1¢-16 but for 2um, this value is 3.48¢-16

which is only around 1.5 times of the previous, although the length is taken as twice. The
reason for this is, as the size of the interconnect gets smaller, the fringe capacitance

whose effect is not linear contributes more significantly compared to large interconnect



size. Even when the length is more than Sum, the value of the capacitances deviate from

the one obtained from extrapolation of the previous two points.
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Figure 15: Extracted Total Capacitance plotted in terms of Metal length.




Therefore if the circuit sizing and layout g ion and fon is consi in
separate steps, and the layout information of the previous run is used to estimate the

parasitics inside the next sizing stage, the estimation may not give an accurate result. This

can also be said for using any look up table with interpolation or extrapolation. So it is
important to consider the sizing and parasitic estimation simultancously.

Therefore, it gives the motivation to develop a design methodology that can conduct the

circuit sizing and parasitic estimation simultancously. Instead of using a sizing engine to

d method models

find a set of tran: tic extraction, the propo:

s followed by para

this as a convex problem to ly perform transis sizing taking

sitics into account. Figure 16 shows the proposed circuit synthes

para
A convex optimization problem called Geometric Programming (GP) [23] is utilized,

which can include a set of performance ints formulated from a given technology

wrameters and required performance specifications, as well as a set of symbolic

interconnect parasitics formulated with geometrical requirements and floor-planning. The

symbolic 1l

ing and routing i cnables to use a set of parasitic
expressions for interconneet parasitics 10 be enclosed inside the circuit sizing phase
Finally, a GP solver [24] is deployed to provide a solution which not only attains the
desired circuit performance but also concurrently considers layout induced parasitic
effects. Such GP solvers, using standard interior point algorithm [24] and being able to
solve large convex optimization problems very quickly and efficiently, can be readily

ed in the public domain.




(" Technology | (" Performance |
‘; Parame(ers ) | Specifications |

4

[ Geometical
{ Reqwremems )

S"m”"'w Performance D Floorp\annmg
Pamites Constaiot Parasitics Constraints

Global
Solution
Pre-Layout
Simulation
Parasitics
Extraction
Post Layout
Simulation

Requirements
Strengthening

igure 16: Proposed |




After a successful run of GP (Geometric Programming) solver, the obtained sized circuit

is tested in Cadence for a pre-layout si i If the si ion result meets the

requirement, then a layout is created using Cadence XL. From the generated layout,

. This netl

Calibre parasitic extraction tool PEX is used to extract the post layout netli

is used to verify the post layout simulation. If the specifications are not satisfied, then the
requirements in GP formulation are changed accordingly and again the verification

process is carried out

The proposed parasitic-aware synthesis method has some notable advantages compared to

other methods mentioned above

very fast and efficient GP solver to do the synthesis which finishes within

less than a few seconds. It is much faster than any computationally intensive

simulators and evolutionary algorithms. In all the design examples, the GP solve
was finished under 2 seconds.

e It does not require any commercial layout generator or extractor inside the

optimization phase, so it does not rely on their efficiency. It calculates the layout

parasitics simultancously contributing to the sizing constraints.

*  Using accurate device parasitics model for a particular CMOS technology, it gives
an accurate result extremely quickly compared to any actual layout generator or

procedural layout generators.



« This approach does not require any initial conditions to converge because GP
always outputs a global optimum solution, if feasible, irrespective of the starting

point [24].

I'he important blocks of the proposed parasi synthesis are

discussed below.

2.1 Circuit Sizing

Even though a form of evolutionary algorithms is the method of choice for sizing in most
of the layout-inclusive synthesis stated above, in practice there is no assurance of the time
of convergence to provide a global solution. Furthermore, since finding the empirical
parameter values or lower bounds could be tricky [21], the termination condition and time
are unknown. There are other circuit sizing methods like [25], which breaks the circuit

into structural sub-blocks and structural are developed for each sub-block. It is

difficult to simultancously determine the layout induced parasitics dynamically and add to
the circuit sizing. Instead, they have to rely on the parasitic values of the previous run or

use some interpolation from a pre-generaied look up table.

That is the reason why it is proposed to apply geometric programming [24]. which can

take both performance ints and floor-pla i I ly to

determine an optimum global solution. It can also avoid intensive usage of

pensi ial si or layout in order to provide

a quick convergence. For any optimization problem f; (), GP is formulated as



minimize fo(x)

subject to fi(x) < 1,i

gi(x)=1i= .m

where £ are a set of constraints modcled in posynomial form and g are a set of

modeled in ial form with x being the GP variables. The

posynomial and monomial forms can be put as follows:

(x) = ax

| (posynomial)
g@=ax’ o =1 (monomial)

For the targeted circuit, the performance constraints like symmetrical matching, device

size, bias

ng conditions, open loop gain, unity gain bandwidth, phase margin, ete. can be

modeled either in a monomial or posynomial form. For common analog circuits, these

expre:

ons are available in literature. For more complicated analog circuits, the circuit

can be broken into several smaller blocks for which expressions are available and

subsequently the performance can be modeled cither in posynomial or monomial form. In
addition, floor-plan can be constructed using transistor size, minimum allowable distance

between trans

ors and matching of different components. All these constraints are

T d in the GP ions/i lities that are delivered to the GP solver for an

optimum solution.



3.2.2. Inclusion of Layout Effects

An important part of the proposed synthesis approach is the inclusion of layout effects to

be considered alongside the sizing ints. To i the accurate calculation of
layout-induced capacitance and resi; the circuit is floor-planned, routed and cach
device and i i and resi are modeled to formulate

a set of symbolic layout constraints.

Floorplannin;

T'o mitigate the layout-induced mismatch, the symmetry constraints are put inside the

floorplanning constraints. Minimum allowable distance in the technology between two

devices is used.

ample, for the circuit for Two Stage P input channel Operational Amplifier in

Figure 17, with the presence of the parasitic capacitances (Cyy - Ciurg) and interconnect

ances (R;, R), the floorplan is shown in Figure 18, The transistors M1 & M2 and

M3 & M4 are placed symmetrically, which i ble from the floorplan.
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Figure 18: Floorplan of the circuit in Figure 17



40

F i ints are fc such that the total area required is minimized.
Cartesian coordinates are used to denote the positions of the devices. For any transistor,
WD) < hi = hiy M

d < hiyy — hjp
L) + 2L < wip —wiy

d<wy -

where (i) is channel width, L(i) is channel length, /.2, by and w2, w; are the height and

width coordinates of the iy transistor, Ly is the lateral diffusion of source and drain

and d is the minimum allow;

regions.

ble distance between two adjacent tran:

Device Parasitics Modeling:

For any CMOS technology, an accurate capacitance and resistance model for all sub-

cireuit deviee capacitances, like Cy;, Cy, and Cy, are available from the foundry. These

models provide accurate device capacitances in terms of transistor width, length and
number of fingers. Because the intrinsic capacitances are closely related to individual
device sizes, any pre-calculated values like in [14] for estimating these capacitances
might give an erroncous result. Using these capacitance models, accurate intrinsic device

are f¢ ated in symbolic form and passed to GP.
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Routing and Interconnect Parasitics modeling:

Using the floor-planning constraints, the shortest path for interconnecting the transistors
is calculated. The Manhattan distance between two nodes is used to obtain the length of

interconnects (shown as thick lines in Figure 18) in the symbolic form. Using the unit

capacitances from metal layer to substrate and metal layer to active regions available in

the technology parameters, the ion for capacitance is obtained in

terms of Cartesian i These i are rep i inside the devi

performance constraints and utilized to size the circuit.

Once all the performance and parasitics models are formulated the GP solver is employed
to solve the optimization problem considering all performance and floor-planning

he solution obtained from the GP solver is then verified by

constraints simultancous|

pre-layout simulation. If the pre-layout jon does not meet the requirement, the

required performance parameters in GP are made stringent to seck for a better

If the pre-layout si is ful, then a layout is generated using
layout-XL in Cadence and the generated layout is extracted and a post-layout simulation

is performed

In case of all the circuits optimized in this methodology, the number of iteration between

the GP solution and pre-layout simulation is found to be very low. And once the pre-

layout si i all the p layout si i in the first run. So




the convergence of this parasitic aware methodology is very fast as the GP solution is

obtained under a few seconds and the required number of simulations using a commercial

simulator for pre and post layout verification, is signifi ly lower than any 'y
based approach. Moreover, it does not need to generate the layout and extract it each time

inside the loop, which can turn out to be extremely slow, when used with the evolutionary

algorithms and a commercial extractor, as done in the other traditional approaches.

33, Summary

nth

In this chapter, several contemporary layout aware analog circui methodologies

are reviewed and their features and comparison is made. Then the proposed fast parasitic-
aware synthesis method is described ir detail and the advantages of this method in

comparison to the existing methods are listed.

In the next chapter. three Operational Amplifier circuits are designed and optimized
following the above methodology and the obtained solution is verified in post layout

simulation.
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the convergence of this parasitic aware methodology is very fast as the GP solution is

obtained under a few seconds and the required number of simulations using a cc ial

simulator for pre and post layout verification, is significantly lower than any evolutionary
based approach. Moreover, it does not need to generate the layout and extract it each time
inside the loop, which can turn out to be extremely slow, when used with the evolutionary

algorithms and a commercial extractor, as done in the other traditional approaches.

3.3.  Summary

In this chapter, several contemporary layout aware analog circuit synthesis methodologies
are reviewed and their features and comparison is made. Then the proposed fast parasitic-
aware synthesis method is described in detail and the advantages of this method in

comparison to the existing methods are listed.

In the next chapter, three Operational Amplifier circuits are designed and optimized
following the above methodology and the obtained solution is verified in post layout

simulation.



4. CMOS Operational Amplifier Design

o Stage N-channel Input Differential Amplifier

A widely used two stage N-channel input differential amplifier is made of a single-cnded
differential amplifier stage followed by a common source stage which is showed by
Figure 19. This amplifier doesn’t suffer from reduced voltage swing like a cascoded

amplifier [26] but the unity gain frequency is not as good as the cascode amplifier. It also

provides a high voltage gain with a relatively small number of transistors. In the

differential stage, M1 and M2 work to take two differential inputs. The current through
M3 is the same as M1 and M4 has the same mirror current. M5 works as the current sink

of the two branches. In the second stage which is the common source amplifier, M7

works as the driver tran.

or and M6 is the current source load [26]. The interconnect
capacitances Cius, Cinz, Cings, Cinps from different nets and two resistive components in the
two sensitive branches R/ and R2 are also shown in the figure that were considered inside

the parasitic aware synthesis.
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'wo Stage N-input Operational Amplifier [27].

Figure 1

The design objectives are
minimize Area
while subject to

gain > 65dB

Unity Gain Frequency > SMHz

Phase Margin > 60"

CMRR = 80 dB

Power < ImW
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When optimizing the circuit, all the required specification of minimum gain, unity gain

bandwidth, phase margin, input common mode range and slew rate was put as target

constraint inside the geometric programming formulation. Also, for all the transistors, the

device parasitic capacitances like Cyp.Cys. Cgq ete are added to the constraint equations. A

floor plan with minimum allowable distance between the transistors is created and the

interconnect aci are ca using their unit values and from the selected
Cartesian coordinates of different transistors. This is also put together with device

to take into account the parasitic effect. Since all the

parasitic

itances are modeled in terms of transistor si:

s and interconnect length, instead of a

s are taken care

fixed constant value, when GP optimizes the design, all the parasitic cffe

of alongside the circuit sizing simultancously. It is an obvious difference of the proposed

approach from the traditional layout aware synthesis, where circuit sizing step is firs
completed and then a layout generation and extraction follows to validate the design. All

the modeling details are shown here:

4.1.1. Gain Constraint

The gain of the two-stage amplifier is the product of the gains of individual stages. If we
have M1 & M2 and M3 & M4 perfectly matched, the gain of the first differential stage is

given as [27]:

e _~2Gm
asztgass (ataa)ls

A =

Where gy & gma are the transconductance of M1 & M2 which is found by,
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G = [20C,

and ggss & Gasa are the small signal channel conductance, given as

9
Gas =30 = Ay

~ ovps

‘The gain of the second stage is that of a common source amplifier obtained from [27],

g R = _me  _ _ame
2 T I T Tt aas . Gt
So the overall gain of the amplifier is given by,

29m
Az tAa))

me
BT

In GP formulation, this equation can be modeled as a monomial and if the minimum gain

ion, then we can formulate the

requirement is Ay, , which is provided in the specific

gain constraint as follows:

L(1)*I(1))*~0.5) /gml==1;
L(6)*1(6))"0.5)/gmé==1;
amda2+lam

a4)* (lamda6+lamda?))/Av==1;

Avmin/A

1

Here, Av is the calculated gain from the GP formulation, which must be greater than the

specificd minimum gain Avmin.
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4.1.2. Pole Constraint

In order to maintain sufficient phase margin, the non-dominant poles of the circuit should

gain

be at least 10 times higher than the dominant pole which controls the unity
bandwidth. To ensure that the compensating capacitance Ce is used to place the poles

further away from cach other. This methed is known as pole splitting.

“The dominant pole of the amplifier circuit is given by [27]

pole, =2

If we consider the parasitic interconnect capacitance then,

ole, = —m__ 3
pote, (Ce+CapatCapa) ®

e of M5 then its expression is found from [23] :

1§ ¢ is taken as the gate capa

956+ Cavz + Capa + Cgaz + Cgaa
where (s incorporates both intrinsic device drain to body capacitance and the
interconnect capacitance. The total output eapacitance €, is obtained from [23]

Cioaa + Cave + Capy + Cgae + Cyar

The non-dominant output pole is given by [23]

pole, = “)




A constraint is added to put this pole, at least 10 times away from pole, .

10pote; 4 .
pole,

All the device capacitances, Cqp, Cgs, Cgq etc. are modeled cither in posynomial or
monomial form in terms of the equations found in either the 7SMC 0./8um or TSMC

90nm technology. Since the equations are the property of TSMC and are not allowed to

be distributed, the equations are not shown here. But they can be easily found for the
respective foundry located in /CMC/kits. The parasitic interconnect capacitances are also

formulated using the floorplan and added to the sizing constraints.

T'he total drain-body capacitance has two parts, one comes from the device parasitic
capacitance, Cz, and another comes from the parasitic interconnect capacitance, Cgp,
Here, mlActAreaCap and miFieldAreaCap are unit capacitances from metal 1 to active
region and diffusion region respectively obtained from technology files. The interconnect
capacitance is modeled using the minimum size floorplan and finding the Manhattan

distance from routing and multiplying with the unit capacitances. The floorplan is

discussed in detail later and shown in Figure 20. In the formulation, W(x) is the width of
transistor x,  is the minimum allowable distance between two transistors, MetalWidth is

the width of the interconnect metal line which is taken as the minimum allowed by

respective technologies. For example, the interconnect capacitance at the drain node of

M2 can be modeled as



(Model for intrin
((W(2) *mlActAreaC 3 dAre.
3 ctAreaCap/2)

rom foundry equation)<
Cap+W (4) *mlActAreaCap/
talWidth*le6)/(Cdb2i)<=1;

g

Similarly, the gate to source Cy and gate to drain capacitance, such as Cyq can be

modeled in 7SMC 0.18um and TSMC 90nm technology in the same manner using the

equations available from the foundry as,
After modeling all the intrinsic capacitances and interconnect parasitics. the pole
constraints are added, to finish the formulation of the pole requirements

((2*kn*W(1) /L(1)*1(1))~0.5)
(Ce+Cdb2+Cdbd ) <=tp (19) ;
polel/(gml/tp(19)/2/pi)<

(C1*ce+Cl
(gmé/tp(
(10*pole

)/tp(1

4.1.3. Unity Gain Bandwidth Constraint

“The dominant pole controls the unity gain bandwidth of the amplifier. If the minimum

required UGF is w, which is given as a constant in specification, then, pole; is made equal

0w

polel/we==1;



4.1.4. Input Common Mode Range

It is the voltage up to which the amplifier can amplify the difference between the two
differential inputs. Considering M5 works in saturation, the equations for positive and

negative ICMR are taken from [27] which are

as follows:

- Is
Positive ICMR = Vpp — J%— [Vemax] + [Vemin]
=> pusmuezmmﬁ + Vemax| = Voo + Vemnl (©)
Negative ICMR = V55+J§+ [Vemax| + Voss.sat )
)
where,
W
B =uCox

Since GP solver doesn’t support negative value, the equation for Positive ICMR is
rearranged and implemented as follows:

ICMReo

tr = [

*W(3)/L(3)) /Beta3==1;
({I(5)/Beta3)"0.5)/till==1;
(ViemrMax+till+VtMax)/ (Vdd+VtMin) <=1

; tPositive ICMR
(kn*W(1)/L(1))/Betal
((1(5)/Betal)~0.5) /ti

1;
at+Vsstti22 iViMax) / (ViemrMin) <=1; tNegative ICMR

kn*W (5) /L (5)) /Beta’
({2*1(5)/Beta5)~0.5)

4.1.5. Slew Rate Constraint

Slew rate is the ability to sink current and puts a limit of voltage rate at the output.

“The equation for slew rate for the circuit taken from [27] is given by,



SR=% ®)

Ce

The equation is simply modeled as monomial using the specification of the accepted slew

rate,

4.1.6. Power Constraint

There is a maximum allowable power which is dissipated in the circuit specified as P

The power consumed is calculated as the product of the total current flowing in all the

branches to the supplied voltage and inserted as another constraint in GP.

(Ibias+I(5)41(7)))/P<=1;

4.1.7. Current Constraints

The current bias is taken as a design variable which has to be lower than a certain

stor dimension of M1 & M2 and M3 & M4 is

specified value Jpuame. As the trans

identical, /; and I, have the same current. The same is true for /5 and /, as they are in
series with /; and /> respectively and connected as current mirror. The current of cach

s connected as current mirror with the

branch is 1/, of the sink current which is /5. /s
bias current, so the same current flows.

“The current constraints are modeled as follows



gpvar Ibias;
CurConstraint

Ibias/IbiasMax<=1;
1(8)/Ibias==1;
1(5)/Ibias
1(6)/1(7)
I(1)/(1(5)/
1(2)/(1(5)/
1(3)/1(1
1(4)/I(2)==1;

4.1.8. Device Size Constraints

In the cireuit 1%, and ¥ are identical as well as 13 and ;. Also all the devices are more
than the minimum allowable transistor width supported by the technology like 0.22um for
TSMC 0.18um technology and less than a pre-specified maximum transistor widih. They

are also put as a constraint to the GP solver.

SymMatchConstr [
W(l)/ w(2) 1;
W(3)/W(4)

DevSizeCon:

(1) /Wmax 1;
W(2) /Wmax <= 1;

Also, the minimum allowable width of the transistor in 0.18um technology is 0.22um.
T'herefore another constraint is added to ensure that.

constr_x = ones(n,1)*0.22e-6 Wi
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4.1.9. Floorplanning Constraints

The floor-planning is done using a similar method to that discussed in chapter 3. A
Cartesian coordinate is attributed to each corner of all the transistors and they are placed
at a minimum allowable distance, @ from ecach other. The schematic and the

corresponding floorplan are shown in Figure 20.
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Figure 20: Schematic and Floorplan of Two Stage N

put Op Amp.
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The symmetry is kept by placing the transistors with the same width side by side to
remove the interconnect capacitance mismatch arising from the layout. The minimum
allowable distance between two transistors is d. Here IW(i) is the width of the ith transistor
and the variable width is used to represent the sum of channel length of ith transistor L(i)

and the lateral diffusion of the drain and source region Ly, so width—L(i)+2*L, as shown

in the floorplan in the figure. The i i and i are also

shown in the figure which were used inside the pole constraint.

‘The formulation of the floorplanning constraint is given below:

Fl

planning
heightConstr = [
(d+h82)<=h11;

(d+h
(d+h52

(d+h72) <=h61;
(W(1)+h11)<=h
(W(2) +h21) <=h2.
(W(3)+h31)<
(W(4) +ha1)<
(W(5) +h51) <
(W(6) +h61) <=t
(W(7)+h71) <
(W(8)+h81)<=h

widthConstr [

(d+B2) <=w51;
(d+wl2) <=w21;
(d+w32) <




(wll+Width) <=w12;
(w21+Width) <=w22;
(w3l+Width) <=w32;
(w4 14Width) <=wd2;
(wS14Width) <=w52;
(w61+Width) <=w62;
(W71+Width) <=w72;
(wB1+Width)<=w82;

constraints

floor

4.1.10. Area Constraint

so that

The main goal of this optimization is to find the minimum size of the transistor

ations. So the area is

the cireuit still satisfies all the required performance spec
caleulated from the floorplan and an arca constraint is used when calling GP solver.

AreaConst r [
(max (w72, w62)*max (h82,max(h52,h72)))/Area<=1;

Area<-Areamax;

Finally we can call the GP solver and optimize the design in terms of area and finish this
layout aware synthesis. We put all the constraints in a list and pass it to the gpsolve

function to optimize for area.



constr [
SymMatchConstr;
zeConstr;
ffsetConstr;
nstraint;
SlewConstr;
ICMRconstr;

poleConstr;

PowerConstraint;

constr;
R

[min Area solution status] = gpsolve(Area,constr);

assign(solution);

4.1.11. GP Solution

ynthesized in both TSMC 0.18um and 7SMC

The two stage N-input channel op amp is s
90nm CMOS technology. The transistor length was treated constant as 1 pm and the
transistor width and bias current were defined as design variables. To differentiate the

ve effects,

importance of adding the floorplan and the layout induced capacitive and res

ed to the GP solution ignoring the

at first only the intrinsic device capacitarces are p:

are used to

interconnect capacitance. After the GP solution, the obtained transistor sizes

and Then the

floorplan and then calculate the

performance is simulated in Cadence.

(Coints Cize Cius & Cyry in the Figure

In the next case, all the interconneet capacitan

20) of the different nets are added to the CP constraints. Similarly, the obtained GP result

in Cadence. This design with




s then compared with the previous design to find the

parasitics

contribution from considering interconnect parasitics.

T'he optimized design variables after the GP solution for both 7SMC 0.18um and TSMC'

90nm technology is shown in Table VIL. For the optimized device s the resultant

parasitic components are also shown in the table. For the synthesis without considering

interconnect capacitance, the parasitic are after the GP solution is

obtained. For the synthesis with interconnect capacitances, the obtained value from GP is

directly shown.

Table VII: Optimal Design Variables for Two Stage N-input Op-Amp
‘ “Two Stage N-input Op-Amp
Var, TSMC 0,184 | TSMC 90nm
| | Without nterconnect Cap. | With Interconnect Cap. I Without Interconnect Cap. | With Interconneet Cap
LIS gy | 100 100 | 1o 100
:\w w:wm)jn 7 im I
WIWA ) | 14 137 sh | 550
Woum | o6 | w06 w6 oo
wim | o o us 20
W (im) 14 | 13 183 185
| ceon 05 |os 12 12
Ihias (uA) | 50 50 50 50
| cim2ary |02 021 014 00
cin3 ¥ | 022 [ 007 ‘ 014 003 ‘
cimam | 0ss [oas [0 026 \
‘ K1 (©) e |20 23 449 |
R2(0) 602 ‘ 208 [10s 149 |
! Cloadph) | 1 I I |




.12. Pre-layout Simulation Result

The optimal design variables obtained from GP for both 7SMC' 0./8um and 90nm

hnology are simulated in Cadence si ion for a pre-la verification and to

observe the effect of considering the interconnect capacitance during design synthesis

1. TSMC 0.18um technology

The resulting ac anal 21. The solid line is

ysis for 0.18um technology is given in Figu

the result obtained for the design considering the interconnecting parasitics and the

dashed line is for the synthesis without considering the i
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The other performance measures are shown in Table VIII. Although both synthesis met
the target specification, it is obvious from the simulation that the synthesis that considered
interconnect capacitance and utilized a minimum size floor-plan keeping symmetry into

consideration gives a much better result in terms of gain and unity gain bandwidth than

. Because the synthesi

the one without considering the interconnect parasitic

cring the i itance with minimum size floorplan results in a design

¢ interconnect i and i the simulated result

which has low parasiti

shows major improvement and shows of the advantage of including parasitic cffects

inside the circuit sizing pha

ulation Result for Two Stage N-input Op Amp in TSMC 0.18um tec!

Table VIIL: Prelayout
TSMC0.18 im

Variable | Specification
Witout Interconnect Cap. | With Interconnect Cap.

Guin s s s2
UG Ssmiz | a4 12y
Phase Margin | > 60" 6346 Team
CMRR > 80 4B 1059 1081 |

2. TSMC 90nm technology

Similarly the simulation result for 7SMC 90nm technology for both the synthesis process

i given in the following Figure 22,
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Figure 22: Pre-
Dashed: Desi

yout in Cadence for 1w su;_‘- NMOS Op Amp in SMC 90nm technology. (Red-
n with i d: Design without parasitics)

Because the 90mn technology is constrained by a lower supply voltage of 1.2V instead of
1.6V in 0.18um technology, the simulation result did not show the same radical

improvement for the synthesis with interconnect capacitance compared to the one without

Sl imp in both gain and unity gain frequency is
found when interconneet parasitics is considered. The other performance comparisons are
shown in Table IX. To facilitate with post-layout simul the large

sidel

are divided

transistors M6 and M7 of the design that co interconnect parasi
into several smaller transistors. M6 which has a width of 69.6um is divided into six

smaller transistors of 11.6um with a number of multiplier 6 and M7 which has a width of’
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22.7um is divided into four smaller transistors of width 5.675um with a multiplier number

of 4

his will help to get a layout which is nice rectangular or square in shape. If a single

large transistor were used, that would take a large space in the chip wafer.

Table IX:

Simulation Result of Two Stage N-input Op-Amp
TSMC 90nm

ithout Interconnect Cap.

| Variable | Specification ——
| With Interconnect Cap.

0" 6302 ‘ 6285

=80dB 8258 |88

<1000

5244 | 4980 |

4.1.13. Post Layout Simulation

After the pre-layout verification is successful, the next step in the design synthesis flow,

iis 10 verify the design with interconnect parasitics by a doing a post layout simulation and

compare the result with the pre-layout simulation to test the accuracy of the parasitic

estimation used in the proposed parasitic aware synthesis flow. The post layout

simulation is obtained by creating a layout, extracting its parasitic components and

simulating with the extracted view of the circuit.

At the moment in the available environment, 7SMC 0.18um technology supports
extraction using DIVA extract and TSMC 90nm supports extraction by Calibre from

Mentor Graphics. In this

. the optimum design obtained in 7SMC 90nm technology

considering all interconnect parasi used to verify the post layout simulation because
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From the Figure 25 and the Table X, the post layout performance satisfies the initial

target performance speci

cations. Although the unity gain bandwidth

slightly Tower

than the pre-layout simulation, it is fairly close and much higher than the target

bandwidth and the slight increase gain indicates a similar total gain bandwidth product

la

tsi T'he reason for the

between the pre-la

result and post

2
Jusers labnet/s7 faiat 1 sim lation T Stage A etnt a1




¢ in total resistance which contributes to the

slight increase in gain is due to the incr.

gain. The resistance of the Prelayout schematic and post layout extracted netlist is
measured by adding an ac current source of magnitude 1 o the output node and removing

all ac components from the circuit and keeping the all de components for proper biasing.

ance. The total resistance from the

The voltage at the output gives the total resi

schematic for pre layout case is found to e 41.91k€2 whereas the total resistance from the
extracted netlist for post layout case is found to be 46.28kQ2. As the gain is proportional to

&n*Rou. this explains the slight increase in gain.

So the design obtained considering the parasitics using the proposed parasitic aware
synthesis methodology meets the entire performance requirement, therefore can handle

the layout induced mismatch as seen by the post-layout simulation.

I'he next section discusses the design ol two stage p-input Op Amp with the proposed

methodology.
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4.2.  Two Stage P-Channel Input Differential Operational Amplifier
The structure of this two stage p-channel differential op amp is similar to that of the two

stage n-channel op amp, which has a differential input stage followed by a common

source stage shown in Figure 26.

. . . T
—
M8 < ’ i Iy
- M5
4+ ‘ " Vout
R2 i Vin: Eind Cload
w2
Lom
. .
" ] Cint2 Cint3 o
oias () a2 alt T
|
M
. . 3
L ;
M3 i " M4

Figure 26: Two Stage P-input Amplifier [23].

ctors. There are a few advantages

The choice of the input stage type depends on several f

of using the p-channel input type over the n-channel mentioned in [28].

nput op-amp has a better slew rate than the NMOS input op amp.

e PMO!

stive load, it is usually selected to be an n-

e If'an output buffer is used to drive a r

type source follower. Having a PMOS as input and an NMOS at the output stage



causes an increase in the transconductance at the output stage which is favourable
for unity gain frequency.
e The I/f noise is lower for PMOS compared to the NMOS.

4.2.1. GP constraints

The circuit is designed following the same procedure as an n-input op amp. For a st of

given specifications, the performance are modeled cither as posynomial or

monomial form. A floorplan is created considering the minimum allowable distance.

are drawn as Manh:

distances and symbolic equations are formed for

to substrate i and the i resistances. Also all the device
capacitances are modeled in symbolic form using the distinct equations of the respective

technology. These parasitics are included inside the pole constraint equations to lead to

parasitic aware synthesis. The details of the formulation are provided as follows:

4.2.2. Gain Constraints

The voltage gain of the total amplifier circuit is given by [23],

A ( gmz )( Gme. )
902+9os/ \oe+9o7

This can be written as

2¢ bty Wa We
a, ox v 9
(An+ap)° | Lakehly ©

This can be formulated as a monomial constraint.
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*I(1)*1(7)))/tempi
tempA1~0.5)) /Av==1;

Pole Constraints

There are four poles in the circuit. The dominant pole can be written as the following

equation taken from [23]

pole; =

‘The first non-dominant pole is the output pole which is given in [23]
pole, = ——Ime (10)

CiCetCiCutCeCu

Where €. the M6 gate capacitance, Co. the M3 gate capacitance and C; are obtained

from [23]:

Cy = Cgse + Cabz + Capa + Cgaz + Cyaa
Cy = Cysz + Cysa + Capr + Caps + Cgar
Cu = Cioaa * Cavs + Cavr + Cgas + Cgar

T'he second non-dominant pole is the mirror pole which is taken from [23]

pvlq:% an

And the third non-dominant pole is

pole, =* (12)

G
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The outline of the pole constraint for 0.18um technology is as follows:

PoleConstr

(Using equation from foundry for intrinsic Cdb)==Cdblt;
((W(1)*mlActAreaCap/2+d*mlF- eldAreaCap+W (3) “mlActAreaCap/2 tWidth*m
1ActAreaCap+d*mlFieldAreaCap+Width*mlActAreaCap/2) *MetalWidth+1e6)

(Cdb1t+Cdbli) /Cdbl<=1;

denoted as Cypyp and the

The intrinsic device capacitance from the drain to body of M1
interconnect contribution is denoted as Cyyy. The intrinsic capacitance is formulated using
the equation obtained from the foundry model and the interconnect capacitance is

discussed in chapter 3, by

caleulated using the floorplan shown in Figure 18,

lculating the lengths of i and the unit i values, which are also

pacitance

1s. For ¢

available from technology model parame mple. the drain to body ¢

at the drain of M6 and M7 can be formulzted as

(Using equation from foundry for intrinsic Cdb)== Cdb6t;
*mlActAreaCap/2+h71*ml *ieldAreaCap+W (6) *mlActAreaCap/2) *Metal
Width*1e6) /Cdb6 i

(Cdb6i2+h62*mlFieldAreaCap* le6) <=Cdb6il;
(Cdb6L 1Cdb612) /Cdbb<=1;

(W(7)

(Using equation from foundry
(Cdb7t) /Cdb7<=1;% M6 & M7 drain same node so the
added once.

for intrinsic Cdb)== Cdb7t;
intercor

milarly all the other device i and i are

Then using the equations above the pole constraint is modeled as follows

(Cgs6+Cdb2+Cdba+Cgd2+4Cgdd ) <=t (5) ;
C1/tp(5)==1;

(Cgs3+Cgsd +Cdb1+Cdb3+Cgd1) <=t 2 (17
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db7+Cqd6+Cgd7) /Crl<=1;

6+Cc) * (C1*Ce+C1¥Ct1+Ce*Ctli<=tp(9) ;

2/tp(9)—=1;

1/Ce) /polel<=1;
e3/(gm3/C2)==1;
@4/ (gm6/C1)==1;

e2/0.1<=1;

el/poled/0.1<=1;

Like the n-input channel two stage op amp, the interconnect capacitance is put in
symbolic form and are added when calculating the poles. To make there is sure sufficient

phase margin, the non-dominant poles are placed at least 10 times away from the main

pole.

4.2.4. Unity Gain Bandwidth Constraint

The dominant pole is made equal to the required unity gain frequency, . to satisfy the

bandwidth requirement.

nstr

we/ (polel)==1;




42.5. Input Common Mode Constraints and output swing

The positive common mode range puts a constraint on MS which is [23]

< Voo = Viewrmax + Vip (13)

The negative common mode range puts constraint on M1 which gives [23]

1t
< Viausmin = Vis + [~ Vip = Vo )
7 3

The output swing puts two more constraint on M6 and M7 which are [23]
< Voutmin = Vss (15)
(16)

< Voo = Voutmax

All these are put as bias constraint as follows:

Constr = |
(I(1)*L(3)/ (kn/2*W(3))) /templ==1
(1(1)*L(1)/ (kp/2*W(1))) /temp5a:

(1(5)*L(5)/ (kp/2*W(5))) /temp5>

(I(7)*L(6)/ (kn/2*W(6))) /temp6==1;
(1(7)*L(7)/ (kp/2*W(7))) /tempT==1;

(templ~C (VemMin -Vtp-vVtn)<=1;
(temp5a®0.5+tempSb™0.5) / (Vdd-vemMax1Vtp) <=1;

temp6/ (Vou
mp?/ (V

-VoutMax




42.6. Slew Rate constraint
The slew rate can be put as the following constraints [23]

(7

2 1
201 SRmin
Cetbu

I SRinin

1

SlewConstr
Cc/2/1(1
(Ce+Ctl) /1(7

1:
4.2.7. CMRR constraint

The CMRR constraint is put as [23]:

205 as)

CMRRIS (ot 2y

CmrrConstr [
Un*Up*W (1)
2+Cox* (tell

3)/L(1)/L(2)/(1(5)*2)==tcll
.5)/ (lamdaN+lamdaP) / lamdaP/C

4.2.8. Power and Current Constraints
The power and current constraints are provided in similar manner as in the n-channel

input op-amp discussed in the previous scetion of this chapter

4.2.9. Area Constraints

aint is modeled from the floorplan and is optimized during solving to find

T'he area con:

the minimum area.

[
(max (w72,

ArcaConstr
w62) *max (h82,max (h52,h72) ) ) /Areas
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Area<=Areamax;

1

We put all the constraints in a constraints list and gpsolver is used to optimize the circuit

in terms of performance targeting area

constr [

SymMatchConst

DevSizeConstr;
AreaConstr;

Inof fsetConstr;
CurCon

raint;
BiasConstr;
GateOverConstr;
PowerConstraint;
PoleConstr;
OpenGainConstr
floor_constr;
BuConstr;
DomPolConstr;

onstr;

[min_Area solution status] = gpsolve(Area,constr);

issign(solution) ;

4.2.10. Results.

The similar approach 1o the two stage n-channel input op amp is followed when
synthesizing the p-channel two stage op amp. In the first case, the amplifier is designed
both 7SMC 0./8um and 90nm  technology. without considering the  interconneet

capacitance and resistance. In the next case, to add the parasitics inside synthesis. the

and resis are added to see their contribution and

both designs are verified in Cadence simulati After the ul pre-l (



simulation, the design considering the parasitic effect is used to generate layout in

‘adence layout XL in 7SMC' 90nm technclogy and post layout simulation is performed.

The GP solution for the given specification is given below:

‘Table X1: Optimal Design variable for two stage p-input operational amplifier

[ Two stage P-input Op Amp

| var CTMCoIS I S E—

| Without Interconnect Cap. | With Interconnect Cap. | Without Interconnect Cap. | With Interconnect Cap.

[Teegm [ 100 100 [0 10 |

‘V\I W2 (um) | 20 184 ‘ 172 208 “
WIAWA (am) | 14 163 loss 0 |
WS (um) 338 373 ‘ 175 175 ‘
Woum) | 416 00 167 23

[wigm |07 360 [ 262 202 |

[wsum |55 7 175 175

1 Ibias (uA) 0.67 067 v 083 0.89
cmian o2 o on 001

[ Cin2 (F) | 025 01 0.13 0.03

[emsam |02 006 | 002 002 |
Cind (1) , 061 061 o8 o

[ Ce 0175 0175 025 025
R1(€2) 129 206 304
2@ 52 o7 0

I Cload (pF) 1 1 1 1

| CPUtme (s) | 118 131 | 154 170
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11. Pre-layout Simulation

Both design obtained in 7SMC (.18um and TSMC 90nm technology is verified for Pre-

layout simulation.

1. TSMC 0.18um technolog)

“The simulation result for ZSMC 0. 18um technology for both synthesis is shown in Figure

27, where the red (solid) is synth

taking parasitics into account and the blue (dashed)

one is the synthesis without considering the interconnect parasiti
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AC Response

Pour<0> — Vou<1>

100 10l 107 103 of 108
freq (Hz)

Figure 27: Pr < for Two Stage PMOS Op Amp in CMOS 0.18um technology. (Red-
solid: Design with interconnect parasitics present, Blue-dashed-Design without parasitics)

The other results are shown in the Table XII. Even though both met the performance

requirements, the design with parasitics present is gives

ignificantly better gain, unity



gain frequency and CMRR compared to the design without considering the interconnect
parasitic effect.

Table XI1: Pre-layout simulation result for two stage p-input op amp in TSMC 0.18um technology.

I TSMC 0.18 um
Variable | Speci I e
| Without Interconneet Cap. | With Interconnect. Cap.

Lo o o o
Phase Margin | > 60" 6501 [ern
| Power <1000uW 2057 | 2057

2. TSMC 90nm technology:

The pre-layout simulation result for TSMC 90nm technology is given in the following
Figure 28, where the red (dashed) line is the result with the design considering
interconnect parasitics and the blue (dotted) line is the result obtained from design
without considering interconnect parasitics. The design which considers interconnect
parasitics are further considered for rectangular or square shaped layout. As a single large
transistor is not convenient for obtaining a square or rectangular placement, therefore the

large transistors M6 and M7 is divided into four smaller transistors.
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Their performance is given in the following Table X111, Again, as the 90nm technology is

constrained by low 1.2V the achieved gain is lower than that of 0.18um technology, but

both synthesis approaches s

considering interconnect pa

es al

the performance requirements. The design

shows much better unity gain frequency than its

counterpart. The obtained gain is also slightly better than the design without considering

interconnect parasitics.

Table XI11: Pre-layout simulation result for two stage p-input op amp in TSMC 90um technology

Variable
Gain

uGr

Phase Margin
CMRR

Power
|

Specifi
tion

65 0B
> Mz
60"

28048

10004

6.18

1707

TSMC 90nm

With Inct. Cap.
69901

1427
60858

1032

1831
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I'his generated layout is then extracted by the tool Calibre [

created.

and extracted netlist is

T'he extracted netlist is used to simulate and obtain the post-layout simulation

result. Figure 32 shows the post-layout simulation curve in magenta (solid) line and the

pre-layout curve in red(dashed) line. Table XIV compares the overall performance of the

AC Response

No<o> — pvoct>

200V resun“ac-ac <05

AC Response

RN resun s <1
3 7
00
20 .y
15 g o N
10
250
50000
500
10010 09 105 106 107 108 107 107 1o
frea 012) frea )
pre-le schematic driven with the post

Figure 3

Magenta: Post Layout si

Pre and Post Layout Simulation for mu-m;,a p-lnpul ()p Amp in TSMC 90mm. (Solid-
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Table XIV: Pre and Post Layout performance comparison for two-stage p-input Op Amp

‘ Variapie | Specification [ET
Fre-tayou Simulation. | Post Layoutsimulaion
[Gan S| @ BT
!\un =5Milz ‘ 11427 IS
| BW @) | Unspecified | 4263521 4161724
Phase Margin | > 60° [ cosss ‘ 6049

From the table, it is seen that the Cadence pre and post layout simulation is fairly

-layout case.

consistent except the unity gain frequency which is a little lower in the pos
But it still much higher than the initial targeted unity gain frequency. The gain at the post
layout simulation is 70.01dB a little higher but very close to the 69.901dB obtained in

pre-layout simulation. So the gain bandwidth product remains in the same range

From the pre and post layout verification, it is confirmed that the design obtained using
the proposed methodology achieves all performance requirement, while minimizing arca.

Furthermore, the pre and post layout simulation result is fairly consistent, which shows

that the parasitic model used in the synthesi fairly close to the actual layout induced

parasitics.

T'he next section elaborates on the Cascode Two Stage Operational Amplifier in details.



43. Two Stage Operational Amplificr using Cascode Output Stage

T'he two stage amplifiers discussed before have a few problems like limited unity gain

bandwidth and insufficient phase margin for high load capacitance. To improve the UGF
some cascode structure can be used at the output stage. One such amplificr is shown in

Figure 33 which has cascading second stage.

Figure 33: Cascodc Two Stage Amplifier [27].



The design objective

s are

while subject to
gain > 65dB
Unity Gain Frequency > 10 MHz
Phase Margin > 60"
CMRR = 80 dB

Power < 10mW

Since for both two stage n-input channel and p-input channel op amp, the design
considering all parasitics proved to be noticeably better than the design without parasitics
considered, the design for cascode two stage amplifier was done considering all the
parasitic components. To show that the proposed methodology is not limited to any
certain technology, this cascode desipn is implemented targeting TSMC 0. 18um

technology. In the following chapters, the differential pair comparator and the RF circuits

are designed in 7SMC 90nm technology along with the two stage open loop comparator in

MC 0. 18um technology.

s follows:

The design and optimization steps of this amplificr ar



4.3.1. Gain Constraints

‘The gain of the first input stage of the cascode two stage amplifier is given by [27]

am
Ay ="
YT ma

T'he gain of the second stage can be written as [27]

Imo+Im
Ay =2 ulg o R

Therefore the overall gain is expressed as

)(.’lmu;.’]mu R) (19)

Where R is denoted by [27],

R = (gmr7usrTase) (GmizTusraTas1n)

In the formulation, if N is the number of finger than, Nd= int(N'+1)/2. The outline of the

gain constraint modeled in GP is as follows:

OpenGainConstr

T'he drain to source resistance is formulared using equation obtained from the foundry of

TSMC 0.1 8um technology.

(Using equation from foundry for

- Rd)<-rds6;



Similarly, other drain to source resisiances are formulated using intrinsic foundry

equation. Here, 7g is a temporary GP variable used to store intermediate values

The gain

constraint is modeled as,

((2*kp*W(6) /L(6)*

((2*kn*W(1

(tg(1)+tg
(tg(1)*tg(2)/tg(3))==Rii;

(gm1/2/gmd)==tq (4
(gmé+gm8) <=tg(5) ;
(£g(4) *tg(5) *Rii)==Av;
Avmin<=Av;

Av<=Avmas

4.3.2. Unity Gain Bandwidth Constraints

The dominant pole of this cascode two stage amplifier is located at the output node and

can be written by the following equation [27].

pole, (20)

where (', can be written as the sum of the load capacitance, the intrinsic drain to body

capacitances of M7 and M12 and the interconnect capacitance,
Cout = Cioaa * Cap7 + Cavrz + Cinar

The interconnect capacitance ',y is modeled by making a minimum sized floorplan

shown in Figure 34 The transistor are placed keeping matching in mind and the routing is

done trying to minimize the Manhattan dis

ance. The thick black line is metal 2 and the



arey line corresponds to metal 1 in the floorplan. In the figure, d is the minimum
allowable distance between two transistors and WR2 is the width of the resistors R/ and

R2.

1o
|
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| o e 1 o
¢ | 51
o
1| S mr
| — |
1 | d
o
o e
o
e o
- o ¢
s

Figure 34: Floorplan for the Cascode Two Stage Amplifier.



The unity gain bandwidth can be written as [27] which is the multiplication of the gain
and the dominant pole,
= Im1Gmetgma)k
= 29maCout @n

where k is given as

GBconstr= |

RAb7/{410*L(7) /W(7) /NE/2)==1;
.6/Rdb7) /1e-15==1;

Rdb12/(2570*L(12) /W(12) /NE/2)==1;
Cdb12/(159/Rdb12) /1e-15==1;

(((W(7)/24W(12) /2) *ml1ActAreaCap+ (c +WR2+d) *m1FieldAreal
)<=Cint1;

ap) *MetalWidth*1le6

(Cload+Cdb7+4Cdb12+Cint1) <=Cout ;

(gm6+gm8) <=tempB1;
(gm1*tempBl¥k/2/gmd/Cout)==tempB2;
GB<=temph:
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4.3.3. Pole Constraints

In this two stage cascode amplifier, the dominant pole is located at the output node and its
cquation is shown in the previous page. The other non-dominant pole is located at the
cate of M3 & MS and can be written from [27] as the sum of the gate o source

and the i

~9m3
Cgsa+Cgss+Capa+Capr+Cinez

poles

It is made equal to at least 10 times the required bandwidth to ensure stability.

I'he GP formulation is shown below. 1p/ is a temporary GP variable.

poleConstr

(Using

equation from foundry for intrin:
(Using equation from foundry for intrin;
(Using equation from foundry for intrin;
(Using equation from foundry for intrin;

Cdb3;

The interconneet capacitance is modeled using the floorplan shown before.

(((W(1)/2+W(3) /24Width+Width/2) *mlActAreaCap+ (d+d+Width+d) *mlFieldAreaCa
p) *MetalWidth*le6)<-Cint2;

(Cdb1+Cdb3+Cgs3+CgsB+Cint2) <=tpl (9)
(gm3/tp1(9))==pole3;
(10*GB) <=pole3;




4.3.4. Input Common Mode Range

“The input common mode equations are the same as the one in n-input two stage amplifier,
which are taken from [27)

Positive ICMR = Vyp — J}'%f Vemaz] + Veminl

Negative ICMR = Vss + j}z+ [Vemax| + Voss.sat
A

Using these equations, we model the ICMR constraint

ICMRcon

r

(kp*W(3) /L(3))/Beta3==1;
((I5/Beta3)~0.5)/till==1;
(ViemrMax+till+VtMax)<=ti22;
(Vdd+VEMin) /£i22<=1;

(kn*W(1) /L(1)) /Betal==1;
((15/Betal)~0.5) /ti33==1;
(Vss+ti33+VtMax+Vd

L(5))/Bet

5sat)/(VicmrMin) <=1;

then we get,

20
Vasn KnS11

Similarly, we can find the drain to source voltage for M6, M7, M12.

(23)

24

I we consider M6, M4, M11 and MI2 are in saturation and their saturated Vy, is 0.5V

(25)

91



4.3.5. GP solution

All the constraints are passed to GP solver and arca is minimized as our objective

constraint.

ICMRconstr;
poleConstr;
OpenGainConstr;
GBconstr
AreaConstr;
constr_x;

[min_Area solution status] = gpsolve(Area,constr);
sign(solution);

The optimal transistor size for the given constraints s given in Table XV.

Table XV: Optimal solution obtained from GP for Two Stage Cascode Amplifier

[ Variable | Cacode Two Stage in TSMC 0.18um technotogy |
| L1015 gy | 100

| Wiew2 gy ' 25

| W3 (um)

[ ws gumy '

| Wo. W, WS, Wia, WS G | so081 |
| WO, W0, w11, wi2 gam) 1165

[ wis gy ii 7499

[RiR2 @ 2%

) . 15 |

t
| CPU time (5) 12852



4.3.6. Pre-Layout Simulation Result

‘The optimal design for the cascode two stage amplifier obtained from the solution of GP
is passed to Cadence for simulation in 75MC 0. 18um technology. The two input voltage
is taken as 1V with 180° phase difference. The simulation result is shown in Figure 35.

ACResponse

ACResponse

p
50 | I
1 !
s \ s
Fie 1 e
\
\ |
5 \ 50
o 00 | \
|
- E '
100 10l 102 103 10t a0f 106 107 g0f 10 100 ol 102 g0d 10t 105 aef 07 aod p0f
oot

Treq o

Figure 35

mulation Result of Cascode Two Stage Amplifier in TSMC 0.18um technology

The obtained op amp performance is shown in Table XV1 along with the target required

specification

Table XVI: Prelayout simulation result for cascade two stage amplifier.

Variable | Specification | C5c0de Two Stage Amplifier

‘With Interconnect Parasitics

Gain Sesan o453 |
> 10Miz a0 |

e 60856 |

| evrri@m) [zs0an | 3408 |
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The simulation result shows that the oplimal design returned from GP has satisfied all
performance requirements. Compared 1o both two stage n-input and p-input amplifier

which were designed for a low load capecitance 1pF load with a unity gain frequency of

19.19 MHz for the n-input and 11.42 MHz for the p-input two stage op amp in TSMC'
90nm technology, this two stage cascade amplifier supports a much higher load (15pF)
and still provides a very high unity gain frequency of 41.02 MHz and a phase margin
more than 60" (60.85"). Although the achieved gain 66.483 dB is lower than that achieved
for the two stage P input Op Amp (PAMP) which was 69.90 dB and N input Op Amp

(NAMP) which is 69.57 dB shown in section 1 and 2, it is still more than the targeted

required gain which is 65dB and is compensated by the high unity gain bandwidth. So the

design obtained from GP passes the pre-layout simulation performance requi

4.3.7. Post Layout Simulation

After the succes: ayout simulation, the next step is to verify using the post-layout

sful pre

simulation. Since this amplifier is designed in 7SMC 0.18um technology, DIVA

extraction tool is used to extract the layout and do the post-layout. The raw schematic is

shown in Figure 36 and the corresponding test benceh is shown in Figure 37,
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I'he comparison between the pre and post layout

able XVI1: Pre and Post Layout Si
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[v 2 5Miz
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60.906

oo
o

i

W

W

given in Table XVII

lation Result for Cascode Two Stage Amplifier

I
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mulation result for Cascode Two Stage Amplifier in Cadence TSMC 0.18um
Solid: Post Layout Simulation, Red-Dashed-Prelayout Simulation)

From Table XVII, it is observed that the pre and post layout simulation results give very

con;

ent results and both satisfy the target performance requirement.
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44, Summary

chaper, three I amplifier ies are synthesized with the proposed

In thi;

methodology and tested in two CMOS technologies, TSMC' 0.18um and TSMC 90nm
technology. The resuls obtained from pre and post layout simulation for all three
topologies indicates that the optimum design found by proposed synthesis methodology

has exceeded all the performance requirements. Furthermore, the simulation results for

the designs considering all parasitics proved to be significantly better compared to the

in all

designs without parasitics for the two stage n and p input channel op amps. Also,
cases the synthesis using GP took a time less than 2 seconds, which is remarkably faster

than any traditional approaches that use some evolutionary algorithms along with

commercial simulators for sizing and off-the shelf layout generator and extractor to

incorporate layout effects.

In the next chapter, two high speed analog comparators are synthesized and tested with

the proposed methodology and the result is shown.
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53 High Speed Comparator Design

In this chapter. two analog r are synthesized in the proposed

geometric programming based parasitic aware method. The first structure is based on the

two stage amplifier and the

cond structure is called the differential pair structure that

was used in the case study in chapter 2.

5.1.  Two Stage Open Loop Comparator

use the two stage p or n channel input op amp can have a high gain, the op amp can

be used as a . The ¢ capacitance which is used to ensure stability

is not needed in the comparator design because it then gives highest operational

bandwidth [27]. The structure is shown in Figure 40.

-
\ } |
M3 " S M4 " Me
| | | I
L 4 l
s (1 ‘ Pt
! oL e L
‘ vin |7 Mz |
| | 1 e |
| | [
; | |
4 pe "f ph
‘ M5

Figure 40: Two Stage Open Loop Comparator [27].
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The comparator is designed to optimize for area for the constraints below:
minimize Area
while subject to
min input difference > = 10mV,

propagation delay <= 50ns

5.1.1. Min Input Difference Constraint

The open loop gain determines the resolution of the comparator which a target
specification of the comparator. The higher the gain, the smaller the input different

needed between the two differential inputs to compare and get a correct compared result

The open loop gain is given in [27] as:

Ao = (o) Gt @9

Also, if the minimum resolution of the corparator is

Vingminy = Vie = Vin

then, then relation with the open loop gain is given by,

Vou—Vou @7

O = Vi

In the design, the resolution ¥ is taken to be 10mV.
The outline of GP formulation is given shown below. Here £z is used as temporary GP

variable inside GP formulation.
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Av0=(Voh-Vol) /VinMin;
GainConstr

The drain to source resistance is formulated using equation obtained from the foundry of
TSMC 0.18um technology.
)sing equation from foundry for intrinsic Rd)<-rds2;

2+, 1;

L(6) *16) ~0.5==gm6;

(gds2+gds
(gds6+gc

(AvO*tz (17)*tz(18))/ (gm6) ==gnl;
(gm1"2*L(1))/ (W(1) *kn*I5)==1; $2*I11=I5

if
5.1.2. Propagation Delay Constraint

The propagation delay is the time it takes for the comparator to respond to an input
change and is given as a design specification. This is related to the poles of the

comparator.

The comparator has two poles which are considered during the design. The first pole is
located at the output of the first stage and the second pole is located at the output of the

second stage. The pole equations are taken from [27] which arc,

pole, (.udu;lmm (28)
and
(9ase+9ds7) (29)

pole,

Cout



102

where the total capacitance at the output of first

stage. € is given in terms of the parasitic

intrinsic i and i i as

C1 = Cgaz + Cgaa + Cgs + Cavz + Cava + Cinr

and the total capacitance at the output of the second stage is

Cout = Croaa + Caps + Cap7 + Cincz

I'he propagation delay is related to the pole of the comparator by the following equation

in 271,

pole = (30)

1
ik
Where m =1 if the two poles are considered equal for simplicity and & is defined as the
ratio of the given input difference to the minimum required input difference, that is taken

as 10 in the design.

“The current through the output branch, /5 is given in terms of the pole; as [27]

PpolesCout
AntAp

I [&1h)



‘The sink current through the input branch /s is given as [27]

2,
Cout G2)

Is=1lg

The outline of GP model is as follows:

Vsd6=Vdd-Voh;
vds7=Vol-Vs

Vsg3=Vdd-VicmPlus+Vtn;
CurConstraint = [

(0.5%kp*W(6) /L (6)* (V.

Ykn*W(7) /L(7)* (VdsT) ~2) ==17;

ing equation from foundry for intrinsic Cgd)<=Cgd2;

he other gate to drain capacitances are formulated in similar fashion

(Using equation from foundry for intrinsic C

Cgs6;

T'he intrinsic drain to body capacitance, C is modeled using equations of intrinsic device

Thei

Cwr and Cyye2 at the output node of the firs

and
second stage are modeled using the floor plan which is similar to what shown in two stage

n-input channel op amp in Figure 20. The outline of formulation is shown below:

(Using equation from foundry for intri

sic Cdb)<-Cdb2;

((W(2) *mlActAreaCap/2+d*m1FieldAreaCap+W (4) “mlActAreaCap/2+d*mlFieldArea
Cap+Width*mlActAreaCap/2) *MetalWid:h*1e6)/(Cint1)<=1;

(Using equation from foundry for intrinsic Cdb)<=Cdbd;

(Using equation from foundry for intrinsic Cdb)<=Cdb6;
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reaCap/2+d*mlFieldAreaCap+W(6) *mlActAreaCap/2) *MetalW

C(W(7) *m1A

(Using equation from foundry for intrinsic Cdb)<=Cdb7;

Finally all the capacitances are added to find the total output capacitance of the first stage

C'1and a constraint is put between 15 and 17 following the equation shown above

(Cgd2+Cgdd+Cgs6+Cdb2+Cdbd+Cint1) <=C1;

(Cload+Cdb6+Cdb7+Cint2) <=C

(pole2*C2/ (lamdaN+lamdaP) ) ==17;

I6==17
(15%C2) / (2*17*Cl)==1;
1:

5.1.3. Input Common Mode Range Constraint

“The input common mode range is governed by, [27]

(33)

Vass.sae = Viemminus = Vgs1 = Ves

Here, V, is taken as ground. The positive ICMR controls the Vs by [27], which is the
highest input voltage the amplifier can amplify and is limited by the supply voltage and

required gate to source voltage to ensure saturation.
Vigs = Vaa = Viempus + Ve

T'he gate to source voltage of M1 is found dy,

Vgs1
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Here, the input positive and negative coramon mode is given as specification as 1.62V

and 0.36V. All these are formulated as below,

Vsg3=Vdd-VicmPlus+Vtn;

CMRconstr = |
(kp* (Vsg3-abs (Vtp) *2) *W(3) /L(3)}==15; $2*I3=I5
(15/kn/ (W(1) /L(1)))"0.5==tp(9);
(tp(9)+abs (Vtp)}<-Vgsl;
(ViemMinus+Vgs1) <= (VdsSs
(kn*Vds5sat"2+W (5) /L(5) /.
1

s

/15)==

where, &, u,Cox, k, ~ u,Cox respectively

The other GP constraints like the minimum and maximum device size, transistor

symmetry etc. are added in the same manner as the two stage n-input op amp design.

5.1.4. GP solution

Finally, the solution is found by calling the GP solver

constr

The optimal values obtained from GP are listed in Table XVIII.
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‘Table XVIII: Optimal design for Two Stage Comparator

Var. th Interconnect Parasitics
MC 0.18um |
[oavem | w0 |
WI-W2 (um) 628 i
Wi G | 301
W Gum) l )
Woum | e
wim | 157
W8 (um) | 022
Clost 1) | |
RI@) 156
R | m
Cntl (1F) - 0012
Cini2 (F) | 0511
s i) 30
CPUme () | oom

5.1.5. Pre-Layout Simulation Result

‘The comparator is tested in Cadence in

SMC 0.18um technology for d
the first case Vin' is taken more than 0.3V than Vin' and the result is observed. In the
second case, Vin' is taken to be less than 0.1V than Vin'. In case 3, the minimum input

difference of 10mV is tested. In ¢

4, a changing piccewise linear voltage is applied to

the two inputs to see the propagation delay of the comparator.
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Case 1:
For this case, Vin' is taken as 0.7V and Vin® as 0.4V, so the applied input difference is

0.3V. Figure 41 shows the response of transient simulation for this case. Although, it does

not reach the maximum supplied 1.8V because there is a voltage drop across MOSF

but still it is high enough (1.35 V) to be decoded as logic 1.

Transient Response

775 7VmFL

time (us)

are 41: Transient Simulation Result for two stage open loop comparator with Vin+ = 0.7V and
Vin-= 0.4V in TSMC 0.18um technology
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For this case, the positive input Vin' is taken as 0.3V which is lower than the applied
negative input Vin' = 0.4V, so the input difference is -0.1V. As Vin' is less than Vin', the
expected comparator output should go to zero. Figure 42 contains the response of

transient simulation for this case. From the curve, the final settling voltage is found to be

10.42 ~ 10.47 nV which is decoded as logic 0.

Transient Response

time (us)

Figure 42: Transient Simulation Result for two stage open loop comparator with Vin+ = 0.3V and
Vin-= 0.4V in TSMC 0.18um technology
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Case 3:

In this case, the comparator is tested with a very small input difference which is 10mV by
taking Vin as 110 mV and Vin“ as 100 mV. Figure 43 shows the response of transient
simulation for this case. The settling voltage is found to be 1.29 V which is logie 1. So the

comparator can compare very small input difference and still can decode to correct logic.

Transient Response

L
T10477mL

1.29039-
1290385 i
< 129038
>1.290375- . B .
129037 .
1290, T T
0

time (us)

Figure 43: Transient Simulation Result for two stage open loop comparator with Vin+ = 110 mV and
Vin-= 100 mV in TSMC 0.18um technology
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Case 4

In this

. the propagation delay, which is the time it takes for the output to r

checked.

an input change, i ‘o picce wise lincar voltage sources are used as inputs
with initially zero voltage. The positive input goes to 0.6V at 100ns and goes down to 0V
at 200ns. The negative input rises to 0.6V at 200ns and falls to OV at 300ns. The

simulation result is shown in Figure 44.

Transient Response

1.577EmL

200
time (ns)

Figure 44: Transient Simulation Result for two stage open loop comparator with PWL sources

The high settling voltage of output is 1.3572V. The rise time is found to be 22ns and the

fall time is found to be 20ns. The propagation delay of the comparator depends on the

difference of input voltage [27] and the higher the input difference, the quicker is the
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Transient Response
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Figure 47: Post layout transient simulation result for Open Loop Comparator

The rise time which is the same as the propagation delay as the output change from one

state to another. is found to be 23.9ns. When the negative is more than the positive input,

the output drops to logic low. The fall time is found to be 30ns. Both rise and fall time is

less than the specified propagation delay which is under 50ns.

In this

section, a two stage open loop comparator is designed and tested with the presence

of parasitics in 7.SMC 0.18um technology. The simulations show the design of open loop

comparator obtained by the proposed parasitic aware synthesis methodology achieves all

the performance requirements.
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In the next section, a Differential-Pair Comparator is designed and tested with the

proposed methodology considering all parasitics in 7SMC 90nm technology
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5.2.  Differential Pair Comparator

The structure and bricf operation of Differential Pair Comparator [11] was introduced in
chapter 2 which is shown again Figure 48. This dynamic comparator is faster than the
gain based comparator designed above and consumes very little power as it is driven by

clock signal.

N Viatchl
: vm,meJ = wis e
Vouts of l ¢ Vout
|

,:m w2 I‘Ji . vin- et Jus e JY(“ | wrete

=)
TI; y Visten2 L ‘I,‘ it
! |

Figure 48: Differential Pair Comparator [10].
This comparator is based on latch configuration [27]. The transistors M10 and M11 work
as the latch transistor. The comparator has two modes of operation. When Vi = OV, the

latch is disabled and both M9 and M12 is ON, making both positive and negative output
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voltage pre-charge to the supply voltage. When Vi = 1V, it enables the latch and turns
off the transistors M9 and M12. As the gates of M7 & M10. are connected to the negative
output /,,/, and the gates of M11 and M§ are connected to the positive output, V,,, ", the
NMOS transistors M7 and M8 makes a positive feedback path for the latch. As both
outputs were pre-charged to supply voltage when Fiyen = 0, when Vi becomes 1, they
don’t instantly discharge and keep M7 and M8 still ON. Then depending on the voltages
of the positive and negative inputs, one branch provides more resistance than another and
the positive feedback of the latch makes one output to stay at supply voltage and causes
another output to discharge 1o logic 0. The positive output stays high if the positive input
is more than the negative input and vice versa. A separate clock of 0.4V/0V is used
instead of using the same Vo with the same phase to make sure that the two tail
transistors M5 and M6 works in saturation region [29] and provide a constant current for
the latch. The comparator is designed for 7SMC 90mm technology. All parasitics are

considered during formulation of the sizing constraints as they are proved to offer better

performance in pre and post layout verification from previous examples.

Thed

sign formulation of the comparator consists of the following GP constraints:

Propagation Delay Constraint

based on latch.

The Differential Pair C

I'he latch time constant can be expressed as [27].

= o
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Where Cpurpand Coyy,y are the total capacitances at the positive and negative output nodes.

Their expressions can be written as,

Coutp = Croaap + Cap7 + Cavo + Cys11 + Coss + Cinep
Coutn = Croadn + Cavs + Cav11 + Cgsio + Cys7 + Cinen

where €,y and C,y, are the interconnect capacitances that can be modeled in symbolic
form using the minimum size floorplan. The propagation delay of the latch, 7,,,, which is
a given as a target specification can be written from [27] in terms of the final low and

high output voltages, ¥, and V,as.

tprop = Tln

Yon-va) 35)

2Win
where AV, is the difference between the two latch output voltage before the latch is
cnabled, which is always less than ¥y, - /. The target maximum allowable propagation

de aken as Ins.

These equations are modeled as

DelVi);

7) *1d) ~0.5==gm7
8)*Id) "0.5==gm8;

(Using equation from foundry for intrinsic Cgs)<=Cgs7;

Similarly Cyss. Cyurr Cyors are modeled. The drain to body intrinsic capacitance of Cdb7 is

modeled as,

Cdb) <=Cdb7;

(Using equation from foundry for intrins
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imilarly, the other drain to body capacitances are modeled using the cquations for

calculating intrinsic  device capacitance as shown before. The two interconnect

capacitance at the positive and negative output nodes are modeled using the floorplan

shown in Figure 49. The thick black line for routing is taken as metal 2 and the grey line
is metal 1. The minimum distance between any two transistors is o, and Width ~ L+2L,,

is a variable which is the sum of transistor gate length, which taken as minimum size

0.1um and lateral diffusion of the source and drain of the transistors, L.

o
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o o |
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|
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"o | |
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w oo
o “ W w - w ow "

Figure 49:
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The two interconnect capacitances are medeled as below,

(((d+W(10) /2+d+W (7) /2+4W(11) /2+d+W (8) /2) *mIMaskCap+ (Width+d+Width/2) *m2Ma
skCap) *MetalWidth*1e6)<=Cintp;
(((dW(11)/24d+W (8) /2+4W(10) /2+d+W (7) /2) *mIMaskCap+ (Width+d+Width/2) *m2Ma
skCap) *MetalWidth*1e6)<=Cintn;

I'he total capacitances at the two output nodes and the final propagation delay constraint

are formulated as follows,

(Cloadn+Cdb8+Cdbl1+Cdb12+C
(Cloadp+Cdb7+Cdb9+Cdb10+Cgs

(C7/gm7) ==Tau
(CB/gm8) ==Tau8 ;

Tau7*uln<=tprop;
Tau8*uln<=tprop;

5.2.2. Resistance Constraint

When the two clocks are at evaluative phase, the latch is enabled and depending on the
resistances of the two branches, the latch decides which output will stay high and which

one will go low. As the transistors M1. M2, M3 and M4 works in triode region, the

MOSFET on resistance of the two branches can be written as [27],

(vrer = 0] (36)

1y [+
o= [ = w0
and

1

Ry

(ver = )] G7)

W,
kn |2 (Wi =) — 7
W[ - w0
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So. as W> & W, and W, and IW; are considered equal, the conductance of the two branches

can be written as,

Gy = kn'y (Vin = Vrer = 2V2)

w
T

=Gy = kn 7 (Vow) (38)

where the effective overdrive voltage is

Vou = (Vin = Vrey = 2V2)

which must be equal, for the same applied inputs voltages and reference
voltages. in order to ensure proper matching between two branches. are found to be the
inverse of this conductance and the resistance is taken under a certain specified value R,

to ensure sufficient speed. This is modeled as,

As analyzed and identified in chapter

Differential Pair C a cap



between the interconnect capacitances, modeled from the floorplan, is lower than a

certain specified value. In this

ase the velue is selected to be 0.18fF, which was obtained

from the

-ase study in chapter 2.

temporary variable
0.12e-15;

C7+CMaxDiff<=t
cB<=tc;

Other Constraints

Here, the input NMOS I, - W, is considered equal and the PMOS W7 — I are also

considered equal. Those are given in symmetric match constraint. All the devices arc |

than the maximum allowable device

ize which is given in Device size constraint. Finally
Area constraint is defined in terms of circuit area area and GP solver is called to obtain

the optimal result.

SymMatchConstr = [
(1)/ W
W(3)/W(4) == 1

zeConstr
W(1)/Mmax
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5.2.5. GP solution

GP solution is obtained by p:

ng all the constraints to the GP solver which is shown

below

i
AreaCon
constr_x;

so_ve(

[min_Area solution statu:
assign(solution);

The optimal solution given by GP is listed in Table XIX.

Table XIX: Optimal desi

for Differential Pair Comparator obtained after sy

| Differential Pair Comparator

Vi ISVC S0nm |
L1112 (um) I 010
| wiwe gy | 500 |
WIWS Gy | 185 |
| wowizgm | so0 \
[cruume s |

5.2.6. Pre-layout Simulation

‘The design is tested in pre-layout simulation in 7SMC' 90nm technology. Figure 50 shows
the transient simulation result when ¥, = 0.8V and ¥,/ 04V, The two references

voltages are taken as 0.8V and 0.6V. As the positive input is more than the negative input



by 0.4V, for the correct comparison, the positive output should stay high at the evaluate

phase and the negative output should go low, which is observed in the figure.

Transient Response

25
0
1 57voumegL
€
>
1
€
>
0 250 500 750 100
time (ns)

Figure 50: Differential Pair Pre-layout simulation in TSMC 90nm for Vin'=0.8V and Vin™ =0.4V

The pre-layout simulation result for ¥, 0.8V and V,, =0.4V is shown in Table XX.

.8V and V;, =0.4V

Table XX: Prelayout simulation result for ;,
Differential Pair Comparator

Uit Vin'=0.8V and Vin' 0.4V
Propagation Delay (Fall time of Neg ative Output) 0435 s
Positive Output Overshoot 139V
Negative Output Overshoot 1388V
12v

| Seuling Voltage (Positive Output)



For Vin'=0.3V and Vin=0.4V, the expected result is to have the negative output staying

high and the positive output should go low which is shown in Figure 51.

Transient Response

v

500
time (ns)

Figure 51: Differential Pair Pre-layout simulation in TSMC 90nm for Vin'=0.3V and Vin'=0.4V

‘The pre-layout simulation result for Vin'=0.3V and Vin'=0.4V is shown in Table XXI.

Table XXI: Prelayout simulation result for ¥;,'=0.3V and V;, =0.4V.

e Differential Pair Comparator
Variable Ll 3

"
3V and Vin'=0.4V

Propagation elay (Falltime of Positve Output) 048 ns
} Positive Output Overshoot 1388V |
Negative Output Overshoot 13877V

Settling Voltage (Negative Output) 12v
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In both cases, the settling voltage is found to be equal to the supply voltage and the
propagation delay is found to be less than 1ns which is target maximum allowable

propagation delay.

5.2.7. Post-layout simulation

The differential pair comparator structure in Cadence shown in Figure 52 is used to
generate layout using layout-XL which is shown in Figure 53. During the layout
generation, all the transistors with equal size are placed symmetrically to reduce the

layout induced effects.
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Figure 52: Schematic of raw Differential Pair Comparator in TSMC 90nm technology.
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Figure 53: The generated layout from the schematic of differential pair comparator using layout-xI
and after routing using VCAR in TSMC 90nm technology.

Figure 54 shows the post layout simulation result when the positive input Vin*=0.8V and
the negative input Vin'=0.4V. Table XXII contains the other results in post layout

simulation for this input condition.

Table XXII: The performance obtained from post-layout simulation in TSMC 90nm for Vin'=0.8V

and Vin'=0.4V
- |
Propagation Delay (Fall time of Negative Output) | oed2ms
Positive Output Overshoot ; T 5
Negative Output Overshoot S rasv |
Seutling Voltage (Positive Output) e e




Transient Response
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Figure 54: Differential Pair Post-layout simulation in 7SMC 90nm for Vi

Figure 55 shows the post layout simulation re
negative input Vin=0.4V.

50.0
time (ns)

when the positive input Vin

0.8V and Vin'=0.4V.

=0.3V is less than the

Table XXIII contains the other results in post layout simulation for this input condition.
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Transient Response

1
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& !
1 5 7vemrasL
s , I
=
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time (ns)

Figure 55: Differential Pair Post-layout simulation in 7SMC 90nm for Vin'=0.3V and Vi

Table XXII: The performance obtained from post-
i

=0.3V

yout simulation in TSMC 90nm for Vin
4V

| Varlabie Ot i Compmtr |
| ostie Qupt et oy |

The post layout simulation for the cases when positive input is higher than negative input
and when negative input is more than positive input shows that the comparator performs

as expected with lower than the target Ins maximum propagation delay. The Calibre
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extraction result of the layout reveals that the total output capacitance to substrate at the
positive node is 1.7521F and at the negative output node is 1.8786(F. So the difference is

0.12651F which is

s than the value (0.1821F) obtained in sensitivity analysis in chapter
2 that can make the comparator non-operational for the input condition. So, the

symmetrical placement of the transistors along with proper sizing using the proposed

synthesis approach based on GP, can handle the parasitic mismatch that can arise from

layout and operates correctly.

53.  Summary

itic-aware

In this chapter, two analog comparators are designed with the proposed para

st tested in pre-layout simulation

y by Geometric | ing. They are fi

and later tested in post-la i by layout and extrac T'wo
different technologies are used for the two comparators to show that the approach is not
limited to any certain technology. The performance obtained from the simulation
confirms that the comparator design obtained by the proposed methodology works as

expected in post layout simulation.

In the last two chapters, five analog circuits are designed and tested in the proposed

method. This ensures that the proposed methodology is adequate for analog designs that

ast and

are sensitive to layout mismatch. The synthesis time has been found to be very

the designs met all the initial performance requirements that were put into consideration.



130

In the next chapter, the proposed method is applied to two RF circuits in 7

technology and their performances are measured.



6. RF Circuit Design

In this chapter, the proposed parasitic avare circuit synthesis methodology is applied to
two RF circuits namely a low noise amglifier (LNA) and a voltage controlled oscillator
(VCO) and their performance is simulated in 7SMC 90nm technology. The design of
LNA targets several key factors like input impedance match with the S0€ input resistance
for maximum power transfer and a sufficient gain with low noise figure, so that it can

everal LNA structures are shown

overpower the noise at a targeted resonant frequency.
in [30] like the common source LNA with inductive load, common source LNA with
resistive feedback, common source LNA inductively degeneration; common gate LNA
cte. The common source LNA with inductive load requires a large inductor to match the
impedance for the targeted frequency range, causing a large parasitic capacitance that
degrades the performance [30]. The common source LNA with resistive feedback suffers
from a high noise figure arising from the resistance. The common gate supports a better
input match but it has a relatively higher noise figure compared 1o the cascode common
source LNA with inductive degeneration. Because the latter gives an acceptable gain with

low noise figure, it is selected as the design structure of the LNA.

6.1.  Cascode Common Source LNA with Inductive Degeneration

The cascode common source LNA with inductive degeneration is shown in Figure 56.

“The target is to attain more than 15dB gain with a noise figure less than 2dB.
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Figure 56: Cascode Common Source LNA with inductive degeneration |30].

T'he design constraint can be put as follows.

subject to:

Gain> 15 dB

Noise Figure, NF <2 dB
Target frequency, /= 5GHz

T'he several design constraints of the LNA design are as follows:

S
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6.1.1. Interconnect Constraint

The interconnect resi

ance R, shown in the floorplan in Figure 57, from the inductor Lg
to the gate of M1, influences the input side matching and the noise figure of the LNA.
T'wo separate optimizations are performed for the target specification of the LNA. In the

first

¢, the minimum allowable width of interconnect is taken and R, is calculated.

Thi:

is used during simulation to observe the ef

of using minimum width interconnect

on the circuit performance. In the next case, the interconnect resistance is optimized by

the i allowable i and resistance Ry, by

optimiz

ng the interconnect width, MetalWidth. Thi

optimized interconnect resistance is

The

also passed to the input matching constraint to give parasitic aware synthesi

ge of optimizing the i width is also observed during simulation.

T'he interconnect constraint is formulated as follows

MaxWidth;

MinWidths alwidth;
talWidth*MetalThick)==MetalArea;
IntLength*le6*rho/MetalArea)==Rin
tLength*le6*mlFieldAre

MetalWid
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6.1.2. Resistance Constraint
T'he first target of the LNA design is to match the source resistance which is usually taken
as 50 Q. As mentioned earlier, two separate designs were performed of this LNA, the first

design doesn’t consider the parasitics during input matching and the next design takes

into account the parasities. For the first case, the input impedance is matched with only

ances like

C resi

the source resistance which i

50 Q. But as there are several parasi

parasitic gate resistance, R present at the gate of the input transistor M1, parasitic series
resistance of the gate inductor L that is denoted as RLg and also an interconnect

re added to the sous

resistance R, from the gate inductor Lg to the gate of M1, they

aware

resistance for input impedance match in the second case, resulting in a par:

synthes stance Rg is modeled with the model equation obtained from

5. The gate res

TSMC 90nm. The interconnect length determined using the floorplan shown in Figure 57

aed using the unit r vailable from the technology files.

(W/nr)==wr; nr=no of finger used

ing equation from foundry for intrinsic Rg)<=Rg;

(Lg+1
(wO*Lg

ircetRg+RINt+RLG) <=Rs;




Figure 57: Floorplan for LNA to estimate parasitics

6.1.3. Matching Constraint

The cut off frequency of the LNA is given in [31] which is taken as gp variable,

Ry

L

Q

2
where, p = %und §=4,y=2,a%09

(39

(40)
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The equation for the gate inductor is found from [31], where wy is the targeted resonant
frequency which is SGHz

(41

ance of the NMOS in terms of frequency is found by [32].

T'he gate to source capa

(42)

Cos = i)

tor size is found by [33] .

the gate to source capacitance with respect 1o tras

2
=200 Wi

where W and L, are the width and minimum length of the transistor respectively. All

these constraints are modeled as RFconstr in GP as follows:

alpha®2) / (5*gamma) ) ==p;

prtmp(1)==1;
(1+tmp (1)<
tmp(2) 0.5

0(2) 7

((QL*Rs) /w0) == (LgPlusLs) ;% The optimal quality factor QI

*LgPlusl

(Cox*Lmir

“The inductor L, is taken between a range of 0.3nH and InH and put as inductor constraint.

T'o increase gain. the drain inductor is taken as at least 5 times of the source degener:

inductor. A lower and upper limit of L, is also put so that it is picked inside a certain

range of 1-2nH.
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IndConstr

LdMax;
6.1.4. Gain Constraint

The gain of the source degenerated LNA is given in [30] by the following equation

Vour  _ wr Rp
Vsource  2Wo Rs

(44
where R, is the parallel model of the series loss resistance of the drain inductor. The
values of the series and parallel loss resistance are found from [34] [35] respectively,

where 0. £ s the quality factor of the drain inductor.

L
Reertes =gt “3)
(wola)®
B = e o)




6.1.5. Noise Figure Constraint
The equation to predict the noise figure is found from [30] given by,
NF =1+ guR (ﬂ)z 47
=1+ gnRey (52 “n

which is modeled as,

6.1.6. GP solution

Finally all the constraints are passed to the GP solver and the optimal design parameters

for the LNA is obtained.

The values of the design variables for the two cases are n in Table XXIV. The first

column lists the design that doesn’t consider the parasitic effects during optimization and

the second column is the optimal design from GP considering the parasitics.




‘Table XXIV: Optimal Design found by proposed methodology for the Source Degenerated LNA

Cascode Common Source LNA with Inductive Degeneration |
1

“
R T pR——

[Wiwagm w T

| Lsmr) 031 | 0319

[ Lg (nF) ‘ 290 ‘ EKNA) ‘
k) o I —

‘ CPU time (s) 0.74 076 |

6.1.7. Simulation Result

Both the design in simulated in 7SMC 90mm technology. The value of the coupling
capacitance (' is taken as 260fF so that it gives resonance at the output node at the
targeted frequency of 5GHz. Figure 58 shows the simulation result for the first case
where the gate inductor parasitic resistance and interconnect resistance were not
considered. In the figure, S2/, S/1, S22 and the NF are shown in dB in terms of
frequency. From the simulated result, the gain is found to be 15.6 dB which is above the
required gain of 15dB. But the noise figurz is found to be 2.62dB at SGHz. which is more

¢ found to

than the aceeptable noise figure given at the specification. Both S7/ and 522

be less than 0dB, so the LNA is stable according to Stern Stabi Criterion [30].
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Expressions

521dB20 — NFGBLO - 5224820 - 5110820

20,07——

150

100

10° 2x10° 3x109  4x10? 5x10% 1010
freq (Hz)

mulation result of CS inductively degenerate LNA design without considering parasitics.
(Red-soli 1 (gain), Blue-dashed: NF, Green-dot dash: S11, Pink-dotted: $22)

itics satisfies some

So even though, the LNA design obtained without interconnects para

of the performance requirements, the noisc is found to be higher than desired.

Next, the design obtained with interconnect parasitics considered is simulated similarly in

TSMC 90nm technology and the result is shown in Figure 59.
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Expressions

5210820 — 522620 S11dB20 — NF 4810

-15
102 2x10% 3x10%  4x10% 5x10° 1010
freq (Hz)
ure 59: Simulation result of CS inductively degenerate LNA design with considering parasi

(Red-solid: S21 (gain), Blue-dashed: NF, Green-dot dash: S11, Pink-dotted: S22

In this case the gain (52/) is found to be 17.78dB, which is higher than the required 15dB

and also higher than that of the design without considering para he noise figure is

found to be 1.99dB which is less than the required 2dB specification. The 7/ and S22 are

found to be less than 0dB, which ensures the stability of the amplifier.

The comparison of S2/ parameters between the designs with and without considering

shown in Figure 60. In the figure the red (solid) is the design with parasitics

considered and the blue (dashed) is the design without parasitics considered. From the



figure, it is noticed that incorporating parasitics to the formulation gives a better gain

(S217) with still an acceptable noise figure from specification.

521 a0<0> — 521 a20<1>

w07 sa0? eao? | 1010

Figure 60: ¢
parasitics. (S

with and without considering
Jlid-Red: With parumm Dashed-Blue: Without parasitics)

The comparison of the results in two is shown in Table XXV.

Table XXV: Comparison of CS LNA Design with and without considering parasitics
| TSMC 90nm
| Variable | Specification -

Withous Parasitcs Considered | With Parasitics C mnmsz

Gain, S21 (B) | > 15dB | 15603 17.78

| s11 @) <0dB -1352 J 994 {
| $22.am) <oun 608 an |
NF (@B) <2(a8) 262 ] 1995 |

From the comparison, the design with parasiti

in of

considered provides better g

17.78dB compared to the design without parasitics which gave 15.603dB. though both

satisfy the requirement. The 77 and S22 which are the reflection coefficients are less

than 0 in both ¢ therefore

ording 10 Stern Stability Criterion [30], both LNA are



unconditionally stable. The noise figure of the design with considering parasitics satisfies

the performance requirements and significantly better than the one without paras

considered.

Therefore, afier applying the proposed method in RF LNA, it can be concluded that the

proposed parasitic aware method is applicable to optimize high frequency RF circuits in
the same manner as the analog circuits optimized in the previous chapters. Furthermore,

and optimizing i i 1o the LNA design provides

adding parasitic

a significantly better result in terms of gain and noise performance.

In the next section, one more RF circuit. a cross coupled LC oscillator is designed and

simulated in 7SMC 90mm technology.



6.2.  Cross Coupled LC Oscillator

In this

shown in Figure 61.

I

Figure 61: Cross Coupled LC Oscillator [36].
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fon a cross coupled oscillator [36] is designed using the proposed methodology



The LC oscillator is considered to have two cross coupled NMOS transistors, an inductor
L, a branch with variable capacitors, C,,, and 2* number of switched capacitors where B

is taken as 2. The branches of the switched capacitor are controlled by binary signals and

shown as switches S, 10 S5, These branches are used to coarse tune the oscillator [36]

illator.

sed to fine tune the o

by the capacitances Cyy to Cps. The variatle
The design objectives of the oscillator arc:
minimize Area
while subject to:

Centre frequency. /= 5GIiz

Tuning Range = 4 10%

Phase Noise < - 110dBe/I1= at phase noise offset frequency of 600 K11z

The GP design constraints for the LC oscillator are as follows:
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6.2.1. Transistor Constraint

T'he transistors have to compensate the parasitic loss of the inductor and branch capacitors

and provide a negative resistance to make up the loss. The condition given in [30] to

compensate the loss is

mRy 21 (48)

where R, is parallel parasitic resistance of the inductor obtained from inductor model.

T'he equation is obtained from [35] as

Woscl)?
R, = Losctl.

Rseries

and Ry is obtained from [34] in terms of quality factor, Q

Rseries =

To make sure the transistors flow enough current to compensate the loss, the g,R, is

taken more than 6 times. Also. the minimum and maximum allowable transistor size i

also included as constraint. The transistor length is taken as 0.1um which is the minimum

in TSMC' 90nm technology. The design is started by picking a suitable value of the

inductor for the target technology. All these are formulated in GP as follows:

.33e-
(W*L/Q) i
((L*w) *2/Rs)==Rp;

W Lmin;
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6.2.2. Oscillation Constraint

“The equation to obtain the oscillating frequency is taken from [30] as

1

Wose =
L(Cgs+Cap+4Cqa+Cine +Ca+Cload)

where (', is the total interconnect parasitic capacitances in the positive and negative

(49)

output node and Cy is the total branch capacitance added for oscillation. The other device

capacitances C,, Cup Coy are modeled as the cquations obtained from the 7SMC 90nm

technology file. The (s taken as 200fF in the specification.
As the tuning range is considered to be £10%, three separate capacitances Cayax. Cao Carin

are calculated as the highest, minimum and lowest capacitance to oscillate at fMin = 4.5

GHz, /~5G 1= and fMax=5.5G1H= frequency respectively. A higher capacitance results in a

lower oscillating frequency as can be seen from the equation. These give the range of the

branch capacitance required to obtain tuning throughout the whole range.

T'he design is done with the width of i are put as an optimization variable to

give rise to parasitic aware synthesis. The reason for th if the interconnect width is

smaller. the interconnect capacitance is reduced but the interconnect resistance is



148

increased. So, if the interconnect width is modeled as GP target variable and a balance is

found between the total i i and resi 50 that both are under an

acceptable maximum specified value, that would ensure the best performance for the LC

T'he maximum

cross coupled oscillator in terms of oscillating frequency and phase no

acceptable interconnect capacitance is put as 30/ and the maximum allowed resistance is

putas 5Q.

T'he GP formulation is as follows:

InterconnectConstr=|
MetalWidth<-MaxWidth;
MinWidth<-MetalWidth;
(MetalWidth*MetalThick)==MetalArea;
(IntLength*1le6*rho/MetalArea) ==Rint;
MetalWidth*IntLength*le6*nlFieldAreaCap==Cint;
Cint<=CintMax;
Rint<=RintMax;

ons
(Using equation from foundry for intrinsic Cgs)<-Cgs;

(Using equation from foundry for intrinsic Cgd)<=Cgd:

(Using equation from foundry for intrinsic Cdb)<=Cdb;

(Cint+Cgs+Cdb+4+Cgd+Cl
(Cint+Cgs+Cdb+4*Cgd+
(Cint+Cgs+Cdbt4*Cgd+Cl

oad+CdMin)<=CtotalMin;
vad+CdMax) <=CtotalMax;
bad+Cd) <=Ctotal;
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Phase Noise Constraint

A constraint is set to make the phase noise of the LC oscillator less than a maximum

allowed phase noise, Ny, . This value is taken to be less than -110dBc¢/Hz.

“The phase noise can be written from [36] as

1
= Tenif? i
162y CiVase

PN Wllres 1.5 4 4KTY g, ) (50)

7

where ffy, is the offset frequency of phase noise taken as 600KHz, Cy is the total

capacitance parallel with the loop inductor L, and f'is the centre frequency. The GP

formulation is done in the following way

nstr = [
Rs/4/pi*2/€"
(4+k*T*gamma*gm)
+pir2*fOfFset™ ~2) *tnl==1;
ise+0.5*tranNoise))<=PN;

laopNoise;

Vo

6.2.4. GP Solution

Finally gpsolve

used o obtain the solution of this design problem




[min_area solution status] = gpsolve (Area, col
ution);

T'he solution from GP is shown in Table XXVI

Table XXVI: Design Variables obtained from GP for cross coupled LC os

[ Variable | Cross Coupled LC Oscillator
[wivam ||
| L 133 |
} CdMin for 5.5GHz (F) i 101.67
| Cd for 5GHz (F) | 25617

CPU Time (s) 0.5435

and

nch

ailable in 7SMC90rf library for using as

s nmoscap which i

varactor. The value of the length and wicth of the varactor is taken as 2um and 5.5um
respectively which gives the varactor range as 102.59/F (at 0V) and 160.99/F (at full

voltage). As two varactors are in series, the total contribution lies between 50/ - 80fF

which is used to fine tune the oscillating frequency. Using the combination of switches of
parallel capacitors and the tuning voltage of the varactor, the obtainable range of

capacitance is from 50/ (all switches open, Vi, = 0F) - S80/F (all switches closed, Vi

1.20).



6.2.5. Simulation Result

he simulated result in 7SMC 90nm is shown in Table XXVIL. From the table, it is

that for a value of switched capacitance of 200/F and a varactor capacitance of S1.29/F,
the total capacitance is 251.29/F and the oscillating frequency if SG/Hz which is the target
frequency. This capacitance is close to what was obtained from GP as C; which was
256.17/F". For other combinations, the oscillating frequency can be obtained from 4.2GHz
to 5.8 GHz which more than the +10% tuning ranges. The total power consumption for

the current Jys = 2.2mA, is 2.64mM.

Table XXVI: Si resul for different of the cross coupled LC oscillator
Total Switehea CAPREIINCE, | yyune (v) | APPIOY Vartabie Cap, | et ey | Osellting Frequency (GHa) |
0 o 5129 5129 |8 |
50 0 5129 ENRED |
10 0 5129 e |
150 0 5120 [ |52
0 0 s12 IEEE
250 0 5120 [ 30120
0 0 s1a 5129
[ 350 0 5129 [0 as |
10 0 5129 w19 |
150 0 5129 [so29 |4
500 0 s s a2




Figure 62 shows the result for the total capacitance of 251.29/F that giv

s the oscillating
frequency of SGHz which is very close to the result 256.17/F that was initially obtained

by synthesis with interconnect optimization.

Transient Response Transient Response

— Moutp — fVoutn - BRIVCIVoutn” Presult Yran-tran’) 26-08 2.5¢-08 64

Mag 0

50 10 15 20 2% 1020 30 40 50 60
time (ns) X0 9

Simulation Result for approximated total capacitance of 251.29fF for LC oscillator in
TSMC 90nm.

The corresponding phase noise curve is obtained from pss and pnoise simulation shown

in Figure 63.A1 600 K71z, the ph:

noise is found to be -121.6 dBc/Hz. which is

than

the required maximum specified phase noisc of -110 dBe/f1z.



Periodic Noise Response
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at 600KHz for approx. tot

Figure 63: Phase nois
MC 90nm technology that yields oscil

So the designed cross coupled LC oscillator obtained by the proposed methodology

attains all the performance requirements, tuning range and phase noise requirements.

63.  Summary

In this chapter, two RF circuits, a source degenerated LNA and a cross coupled L.C
oscillator are designed and tested using the proposed methodology based on Geometric

tis

the obtained solution ied all the performance

Programming. In both c

50 found to be very low. So it can be concluded that,

requirements. The solution time i;
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can be s applied 10 well

the proposed

as the analog circuits as shown in previous chapters.

and

Since using the traditional hes that use

actual layout and extraction using off-the shelf extractor might take a long time to

converge depending on multiple runs, it is convenient to have a fast parasitic aware
method that can simultancously estimate the parasitics and give a solution in quick time.

From the two RF design examples shown above, this parasitic aware synthesis method

can serve that purpose and provide a solution in quick time.

“The next chapter provides the conclusion and future scope of this work.



7. Conclusions and Future Work

In this thesis, a fast parasitic aware circuit synthesis methodology for high performance

Analog and RF circuits is proposed and tested. The proposed method utilizes a convex

optimization problem called Geometric  Programming by modeling the  circuit

performance constraints and par: contribution and provides a global solution. The
methodology is applied to five analog circuit including three Operational Amplifiers and

two Analog Comparators and two RF circuit which includes RF Low Noise Amplifier

and a Cross Coupled LC Oscillator. The obtained result is simulated in both Pre and Post

Layout Condition and the results show the e y of the proposed methodology.

7.1. Contribution of the Th

I'he contribution of the the: listed below:

®  The Thesis introduces a high speed par: ware method which is not dependent

ic

on initial conditions and provides a global solution in very quick time. The

method does not use any off-the shelf simulator inside the optimization phase and
uses a very fast and efficient GP Solver.

* At the beginning, the thesis performs a sensitivity analysis on dynamic comparator

structures and emphasizes on the importance of parasitic aware synthesis

methodology (Chapter 2).



156

«  Some initial setup work includes working with CMC to identify and fix errors to

M 90nm and

run transistor level simulation in

1C 90nm technology and
create tutorials for them. Those are added in the Appendix. Furthermore, the
parasitics extraction process using Calibre in TSMC 90nm is also formulated and

presented as well.

e The thesis proposes a fast parasitic-aware synthesis y that can be
applied to both Analog and RI" circuit synthesis, as a convex optimization

problem using Geometric | ing. The thesis i the design of a

two stage N-input Op Amp using Geometric Programming and introduc

s a
simultancous floorplan design and adding parasitic components inside the circuit
synthesis phase (Section 4.1). It adds the parasitics by modeling the device

parasitics from respective technologies ¢.g. TSMC 0.18um and TSMC 90nm and

d

creates symbolic interconnect parasitics model be generating a minimum s

floorplan with matching constraints. These parasitics models are then added to

Iso

'he thesis

performance constraints and results in a parasitic aware synthe:
designs the same problem without considering the interconnect parasitics and by
comparing both results, the optimization that is obtained with considering all

parasitic effects using the proposed methodology is found to provide much better

It.

performance res

The proposed parasitic aware methodology is then applied on two other high
performance analog amplifiers (Section 4.2, 4.3), two analog comparators

(Chapter 5) and two RF circuits (Chapter 6). A total of seven analog and RF



circuits

are modeled and optimized with the proposed parasitic aware synthesis
The designs are tested in pre-layout Cadence simulation and a noticeable

improvement is found in all cases when parasitics are considered.

The optimal designs obtained for the Analog Circuits are then used to generate
layout by Layout-XL. The layout arc extracted and post-layout simulation is

performed which show fairly consistent result between the post-layout and the

pre-layout simulation. This verifies the accuracy of the implemented paras

modeling proposed in this thesis.

7.2.  Future Scope of This Work

Future scope of this work includes testing this methodology on other Analog and RF

stem

circuits. A library can be created with all the building blocks of Analog and RF

and the whole system can be designed in fairly quick time using this fast parasitic aware

synthesis approach. The approach can also be used as an excellent starting point for other

evolutionary bas

sed approaches whose performance relies greatly on the initial starting

point. A commercial simulator and layout generator and

any methodology that us

extractor is CPU intensive, it will be greatly beneficial to start from a point which is close

to the solution space and fine tune the solution. Compared to other approaches that use a

pre-generated look up table and extrapolates the values

for parasitic estimation, (

method us very accurate intrinsic device parasiti

s cquations available from foundry




for symbolic modeling and in the same way, can casily incorporate fringe capacitances

model if it becomes available.

7.3.  List of Publications

Three publications have been made from the partial portion (up to Chapter 4.2) given in

this thesis. They are

[1] Abdullah Al Iftckhar Ahmed and Lihong Zhang, "A Fast Parasitic Aware Synthesis

Method of High Performance Analog Circuits," in IEEE International Symposium on

Circuits and Systems (IS

[2] Abdullah Al Ifickhar Ahmed and Lihong Zhang, " Sensitivity Analysis of Layout

Parasitics, Cireuit Sizing and Topology Variance on Analog Circuits," in the Twentieth

Annual Newfoundland Electrical and Computer Engineering Conference (NECEC), 2011,

[3] Abdullah Al Iftckhar Ahmed and Lihong Zhang," Dynamic Comparators and
Parasitics," in the Nineteenth  Annual - Newfoundland - Electrical and -~ Computer

Engineering Conference (NECEC) 2010,
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12]

13]

14]

[6]

(7]
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Appendices

Appendix A

utorial for Running Transistor Level Simulation in Cadence for

hnology

T'his tutorial is for the two Solaris servers Panther and Jaguar in the university. For new

Jinux servers, please contact system administrator for updated license and file locations.

1. Login to Panther

2. Create a new directory

3. Make sure you don’t have .cdsinit in your home directory

4. Copy cds.lib from /nfs/CMC/mnv/kits/cmos90nm.3.0/CMCdir in the new directory
(If this file has been relocated to a new directory in some other server, contact
ystem administrator)

5. Type startCds —t cmos90nm in the terminal.

6. Your script will fail

7. Now, logout from panther and login to Jaguar and go to your newly made
directory

8. Run the startCds script again. It will be successful this time.

9. Create your schematic ¢.g. i you want an inverter, use nlvt and plvt for NMOS

and PMOS tran:

stors from emos90nm library.
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. Open Analog Environment

. Setup your simulations (DC, AC, transient, etc.). For transient analysis, select

analysis->choose->tran and give stop time.

. Go Tools->Setup Corners

. Under 'Corners' seleet TT, under 'Library' select DK

. Click on 'Save Model File' button

- Netlist and Run

. If everything is ful, you will get the sii ion result.
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Appendix B

Tutorial for Running Transistor Level Simulation in TSMC 90nm Technology

1. In.csh

t your home directory use cadence 2009, if it

setup as 2007 (in Panther)
2. Create a new directory.
3. Exeeute the following commands. More detailed instructions can be found in the pdk
usage guide.
ep <pdk_install_dirccotry>/display.drf
In s <pdk_install_directory>/models .

In—s <pdk_install_dircctory>/stream .

cp -f <pdk_install_directory>/:

ra_tech.lib .
Ins <pdk_install_directory>/Assura .

In-s <pdk_install_directory>/Calibre .

In panther, <pdk_install_directory> is located at the following directory

CMCkits/tsme 90nm/CRNYOG/T N90 CM_SP 013 K1 V1.04/. For Cadlamss (linux

7). find the similar directory.

4. Create a cds.lib and add the following line

INCLUDE /CMC/kits/tsme_90nm/CRN90G/T_N90_CM_SP_013_K1_V1.0A/cds.lib
5. Execute i¢fbd, it will open Cadence.

6. Draw the schematic of your circuit.
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7. Open tools > analog environment

8. Set transient analysis. select outputs to be plotted and run the simulation (you don’t

need to change the simulator like in (./8um, the spectre is selected by default)

9. The transient response will be shown a‘ter simulation.
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Appendix C

Running Calibre Design Rule Check (DRC) and Parasitic Extraction (PEX) for
TSMC90nm Technology

Calibre DRC:
1. In your directory run, (Panther)
source /CMC/seripts/setenv.calibre.csh
2. Open Cadence
3. In CII window type

load( ".\u/!:p( ‘alibre.il ")

setupRVE()

If you just ¢

ed symbolic link, and serupCalibre.il is not in your dircectory you will

have to copy it from /nfs/CMC/mnt/tools/mentor/calibre _2009.4_31.27/CMCdir
(Again, contact system administrator, if they are relocated in the new servers).

3. Draw the layout.

4. Open Calibre->DRC

5. At the rules tab, select both the rule file in your directory /Calibre/dre

6. Set the TOPCELLNAME a

your layout name

7. Click Run DRC, you will see DRC summary report.
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Extraction from Layout (Calibre PEX):

1. In your directory run,
source /CMC/scripts/seteny.calibre.csh
2. Open Cadence

3. Copy “calibre.rex” file from ./Calibre/re

to your home directory and tsme90nm

directory. Also copy the “rules” file.
Edit the “calibre.rex” as following:

LAYOU!
LAYOU.

PRIMARY "layouttest”
ATH "layouttest.gds"
LAYOU: S GDSI
VLAYOUT PATH "layout.net”
JLAYOUT SYSTEM SPICE

//SOURCE
/SOURCE
//SOURCE

PRIMARY "ts_allcelllvs"
PATH "ts_allcelllvs.cdl”
YSTEM SPICE

4.In CIW window type
Joad(“setupCalibre.il”)

setupRVE(Q

5. To extract capacitance on some metal lines

e shape pin on those metal lines in the
following way:

a. Sell

ct layer M1 (pin) in LSW window

b. In Virtuoso select Create - > Pin
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c. In the opened form, select shape pin

d. Draw rectangle for pin and add a terminal name

6. Create label using the same layer in LSW window with its origin over the pin shape.
As an example, some metal lines are shown with their labels.

—
g

4
R
=
&
o
o

q
7
n
£
&
iy
By
a
q

Figure: Metal lines for Capacitance Extraction
7. Open Calibre->PEX
8. In the rules tab, select the edited ‘calibre.rex” file and click load.
9. Run start PEX

10. When it finishes, click start RVE to view the capacitance.

(8 reaen B oo & M

Figure: Extracted Capacitance in Calibre RVE
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Extracting resistance:

To find resistance of an interconnect, add two ports across metal line in the following
way:

1. Select the appropriate pin layer (e.g. M1 (pin)) in LSW.

2. In Virtuoso window select Create->Pin.

3. In create pin form select shape pin (not symbolic, which is the default) and enter a
terminal name in the form.

4. Draw the two corners of the pin on your metal line.

5. In Virtuoso select Create > Label, and again use the terminal name you specified

6. Repeat for your second pin.

R e e
e e e (4 ety oty Oy s s e

Figure: Metal lines for Resistance Extraction

After running Calibre PEX, click the start RVE to view the extracted resistances.






Figure: Extracted Resistance in Calibre RVE
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